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00 A brief overview of the course

00.01 The course organization

Digital Signal and Image Processing is a 9 CFU course in the first year of the Laurea Degree in Com-

puter Engineering. The course aims to introduce fundamental concepts of signals and images, present

principles and methodologies of signal analysis and signal processing through discrete-time systems,

and illustrate the main techniques for audio, image, and video signal compression.

The lecture notes posted on the e-learning platform are an expanded transcription of the face-to-face

lessons at the University of Trieste. Like every course, these lectures have been prepared based on

specific textbooks. At the end of each topic, you will find a reference to the book and chapter from

which the lessons are derived. You are encouraged to read/study these book chapters to enhance your

preparation.

In particular, the first part of the course introduces the fundamentals of Digital Signal Processing. The

lessons primarily follow the content of the book:

Sanjit K. Mitra, ”Digital Signal Processing: a computer based approach,” 4th edition, McGraw-Hill, 2011.

ISBN-10: 0071289461; ISBN-13: 978-0071289467

The second part of the course introduces the fundamentals of Digital Image Processing. The lessons

are based on the content presented in the book:

Rafael C. Gonzalez and Richard E. Woods, “Digital Image Processing,” 4th edition, Pearson, 2007.

ISBN 10: 1-292-22304-9; ISBN 13: 978-1-292-22304-9

Many examples shown during the lessons will utilize MATLAB, employing resources from the Signal

Processing Toolbox and the Image Processing Toolbox.

The final exam will be oral and will include open questions and exercises.
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01 Signals and signal processing

The course involves the processing of signals and images through digital (numeric) methods, specifi-

cally, Digital Signal Processing (DSP).

A signal is a function of independent variables, such as time, distance, or position. For instance, voice

and music signals represent air pressure as a function of time in a specific position in space. In the

case of a black-and-white image, it represents light intensity as a function of two spatial coordinates.

A TV video signal comprises a sequence of images, referred to as frames, and is a function of three

variables: two spatial coordinates and time.

Most signals we encounter are generated by natural means (e.g., voice, music, images, seismic waves),

but there are signals that are produced synthetically or generated by computers (e.g., musical synthesis,

...).

Signals carry information, and the purpose of digital signal processing is to extract the useful information

carried by a signal.

Digital signal processing deals with the mathematical representation of signals, and the operations,

algorithms, applied to signals in order to extract the information they carry. We will see that the signal

representation can be done by basic functions in the original independent variable domain (the time

domain), or can be performed by means of basic functions in a transformed domain. Similarly, digital

signal processing can be carried out in the original independent variable domain (in the time domain)

or in a transformed domain.

In our lectures, we will study both the representation and processing of signals using digital means.

01.01 Characterization and classification of signals

Signals can be classified based on the nature of the independent variables or the values of the function

that defines the signal.

A signal can be mono-dimensional or multi-dimensional (1-D, 2-D, 3-D, ...). A mono-dimensional signal

is a function of a single independent variable, while an M-dimensional signal is a function of M inde-

pendent variables. For example, voice is a 1-D signal, a function of the independent variable ’time.’ An

image is a 2-D signal, a function of two spatial coordinates. A video is a 3-D signal, a function of three

independent variables: two spatial coordinates and time.

A signal can also be classified as mono-channel or multi-channel. A mono-channel signal is a scalar

function of the independent variable, whereas a multi-channel signal is a vector function of the in-

dependent variable. For example, a grayscale image is a scalar function of two spatial coordinates,

represented as I(x, y), while a color image is a vector function (with three components) of the spatial

© 2024 Alberto Carini 3/600



Digital Signal and Image Processing
01.01 Characterization and classification of signals

Computer Engineering
University of Trieste

coordinates: 
R(x, y)

G(x, y)

B(x, y)

 ,

where R, G, and B represent the intensity of the three primary colors: red, green, and blue.

In the first part of the course, we will study only mono-dimensional and mono-channel signals.

Although the independent variable isn’t necessarily time, it is a common practice to refer to it as time for

these signals.

The signal value at a specific time instant is called amplitude.

The variation of amplitude as a function of the independent variable, i.e., as a function of time, is called

waveform.

If the independent variable is continuous (t ∈ R), the signal is called a continuous-time signal. If the

independent variable is discrete (t ∈ N or t ∈ Z), the signal is called a discrete-time signal.

A continuous-time signal is defined for each time instant. On the contrary, a discrete-time signal is

defined only for certain time instants, while it does not exist between these time instants. A discrete

time signal is a sequence of numbers.

Similarly, a signal can have a continuous amplitude or a discrete amplitude. A continuous amplitude

signal can assume an infinite number of amplitude values (in R or C). On the contrary, a signal with

discrete amplitude can assume only a finite number of values (which can be coded with a finite number

of binary digits).

A continuous-time signal with continuous amplitude is called an analog signal. Many natural signals are

analog signals (e.g., voice, music, seismic waves).

A discrete-time signal with discrete amplitude is called a digital signal. Digital signals can be generated

artificially, but there also exist natural digital signals (for example, the number of sunspots in one year

or the number of cars passing on a road in the last month). Moreover, digital signals can be generated

from analog signals through the following operations:

• sampling the signal,

• quantizing the samples,

• coding the quantized samples.

For example, the music stored in an audio CD is generated with this procedure.

A discrete-time signal with continuous amplitude is often referred to as a sample-data signal.

A continuous-time signal with discrete amplitude is commonly known as a quantized boxcar signal.

A signal can be classified as a real signal or a complex signal based on the amplitude of the signal,

whether it belongs to the set of real numbers (R) or the set of complex numbers (C).

In the following, we will denote the independent variable of a continuous-time 1-D signal as t, and the

independent variable of a discrete-time signal as n. We will treat continuous-time signals as continuous

functions and discrete-time signals as sequences (of numbers). For example, ua(t) represents a 1-D

continuous-time signal, and {v(n)} represents a 1-D discrete-time signal. Each element v(n) of the

sequence {v(n)} is called a sample. In many applications, a discrete-time signal is generated from a
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(a) A continuous time signal (b) A digital signal

(c) A sample-data signal (d) A quantized boxcart signal

Figure 01.01: (From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

continuous-time signal by sampling the signal at uniformly spaced intervals T :

ua(t)→ ua(nT ).

We will often represent the sampled signal ua(nT ) simply as u(n).

A final classification of signals arises from the way we know and treat them. We define a signal as

deterministic when it is uniquely described by a mathematical expression, a look-up table, or a well-

defined rule. For example,

x(n) = an.

We define a signal as random if it is generated in a random fashion and evolves in an unpredictable

way. For most of the course, we will primarily focus on studying deterministic discrete-time signals.

Signals originating from the real world are typically analog signals, which means they have continuous-

time and continuous amplitude. However, Digital Signal Processing focuses on digital signals, i.e.,

signals with discrete-time and discrete amplitude. For simplicity, we will consider these signals as

discrete-time signals with continuous amplitude. Later in the course, we will study the effects of quanti-

zation on signals.
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01.02 Digital signal processing: pros and cons

Processing a signal involves treating the signal with an appropriate system, such as a device, circuit, or

algorithm implemented by a program on a computer or any other processor. Many of the signals found

in nature are analog signals, and these signals can be directly processed by suitable analog systems.

In this case, both the input and output signals of the analog system are analog:

Figure 01.02: (From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

Digital signal processing offers an alternative method for processing analog signals through three fun-

damental steps:

1. Analog to Digital (A/D) conversion.

2. Digital processing.

3. Digital to Analog (D/A) conversion.

Figure 01.03: (From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

The input signal undergoes processing through a Sample-and-Hold circuit, which samples the signal

and maintains its value constant between samples, facilitating analog-to-digital conversion (this opera-

tion is often considered part of the A/D converter). A/D conversion involves quantizing and coding the

samples. The coded samples can be numerically processed by a digital processor, such as a computer,

a processor with architecture specialized for digital signal processing (a Digital Signal Processor), or a

digital electronic circuit. Subsequently, the output signal of the digital processor is converted back to

analog form with a D/A converter, typically generating an analog signal formed with continuous steps.

An analog lowpass filter is employed to eliminate undesired high-frequency components (i.e., the steps)

and generate the desired analog output signal. Refer to Fig. 01.04.

Conceptually, the entire process appears more complex than analog signal processing. Why do we

prefer to process analog signals digitally?

Pros of digital signal processing

1. Digital circuits are less sensitive to component tolerances and are independent of temperature

and aging effects on components. They can be produced in large volumes without the need for
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Figure 01.04: (From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

any adjustments during construction or later in use. They can be manufactured in the form of VLSI

or ULSI circuits, enabling the implementation of very complex systems on a single chip.

2. Numeric filtering enables improved robustness and accuracy. By increasing the precision of oper-

ations, it becomes possible to arbitrarily reduce the noise introduced by the system.

3. Digital systems allow the implementation of much more complex signal processing algorithms

than those of analog systems.

4. It becomes possible to have a software implementation of the system, which allows for easy

reconfiguration of the digital processor functions (simply by changing the program). The same

processor can process different signals through time-sharing of the processor.

5. It is easy to design systems that automatically adapt the internal parameters to the specific signal,

known as adaptive filters.

6. Digital signals can be stored almost indefinitely without any loss of information.

7. Digital systems generally have a much lower economic cost than analog systems that implement

the same operations.
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Cons of digital signal processing

1. The system complexity is higher due to the pre- and post-processing operations (Sample-and-

hold, A/D, D/A, lowpass filtering).

2. There are some limitations due to the speed of A/D and D/A converters and digital signal proces-

sors.

3. Digital signal processors necessarily use active devices that consume electric power.

4. There are some undesired effects originating from the use of algorithms implemented with finite-

precision arithmetic.

Applications of digital signal processing

• Voice (voice coding, voice recognition, voice synthesis)

• Music (coding, filtering, equalization, audio effects, music transcription, synthesis)

• Images and Video (coding, filtering, pattern recognition, ...)

• Communications (modulation, demodulation, equalization, ...)

• Medicine (Electrocardiography, Electroencephalogram, Echography, TAC, ...)

• Seismology (seismic data analysis, petrol research, ...)

• Radar and sonar

• Vibration control systems in buildings or engines

• Automated guidance systems

• Economy and finance

• Big data

• ...

For more information study:
S. K. Mitra, ”Digital Signal Processing: a computer based approach,” 4th edition, McGraw-Hill, 2011

Chapter 1.1, pp. 1-3

Chapter 1.5, pp. 37-40
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02 Discrete-time signals in the time domain

02.01 Time domain representation

In digital signal processing, signals are sequences of numbers (called samples) function of an indepen-

dent variable (called time), which is an integer in the interval [−∞,+∞].

Figure 02.01: (From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

In the following, we will denote the generic sequence as {x(n)}, where x(n) represents the sample of

the sequence at time n 1. Note that the sequence x(n) is defined exclusively for integer values of n and

does not exist for non-integer values of n.

We will represent or define a sequence through the use of

• a mathematical law:

{x(n)} = e|n|

{x(n)} =

{
2 n = 0

1 n ̸= 0

• a sequence of numbers between { }:

{x(n)} = {. . . , 0.95,−0.2, 2.1, 1.2,−3.2, . . .}
↑

where the arrow denotes the element at n = 0, with elements to the left of the arrow corresponding to

n < 0, and elements to the right corresponding to n > 0.

1Later, when there will be no ambiguity, we will directly represent our sequence as x(n).
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The sequence {x(n)} is commonly generated by sampling a continuous-time signal xa(t) (an analog

signal) at uniformly spaced intervals:

x(n) = xa(t)
∣∣∣
t=nT

= xa(nT ).

The interval time T that separates two consecutive samples is referred to as the sampling period. Its

reciprocal is known as the sampling frequency:

FT =
1

T
.

The sampling period is measured in seconds (s) and has the physical dimension of time. The sampling

frequency is measured in cycles per second, denoted as Hertz (Hz).

In either scenario, whether the sequence {x(n)} is derived from sampling a continuous-time signal or

generated through alternative methods, x(n) is referred to as the n-th sample of the sequence.

If the sequence takes only real values, it is referred to as a real sequence.

If the sequence assumes complex values, it is called a complex sequence.

Length of a discrete-time sequence

Discrete-time signals, i.e., sequences, possess either finite or infinite length.

A finite-length sequence is defined only within the interval

N1 ≤ n ≤ N2

where −∞ < N1 ≤ N2 < +∞, and the sequence has length (or duration):

N = N2 −N1 + 1.

A sequence of length N comprises only N samples. It can be transformed into an infinite-length se-

quence by assigning 0 values outside the [N1, N2] interval. This operation is known as zero-padding.

There are three types of infinite-length sequences:

• Causal sequences, when x(n) = 0 ∀n < 0. (The sequence has non-zero element only for n ≥ 0).

• Anti-causal sequences, when x(n) = 0 ∀n > 0.

• Two-sided sequences, with non-zero elements both for n < 0 and n ≥ 0.

In the following, we will frequently examine finite-length causal sequences, which are defined solely in

the interval [0, N − 1].

02.02 Operations on sequences

Given two sequences x(n) and y(n) we define the following operations:
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• The product of two sequences:

w1(n) = x(n) · y(n),

whose samples are given by the product of the corresponding samples of x(n) and y(n). This

operation is also called modulation.

• The scalar multiplication of one sequence for a constant A:

w2(n) = Ax(n)

where each sample of x(n) is multiplied for the scalar constant A.

• The addition of two sequences:

w3(n) = x(n) + y(n),

whose samples are given by the addition of the corresponding samples of x(n) and y(n).

• The time-shift :

w4(n) = x(n−N).

If N > 0, we say that the sequence has been delayed by N samples.

If N < 0, we say that the sequence has been time advanced of |N | samples.

In systems processing real-time natural signals, it is possible to delay the signal, but time ad-

vancement is not feasible. Conversely, recorded signals can be time-shifted in both directions.

Unit delay:
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Unit advance:

For examples of delayed signals, see Figure 02.02.

• The time-reversal or folding operation:

w5(n) = x(−n)

which is the time-reversed version of the sequence.

For folding examples, see Figure 02.03.

In the block schemes we will study, there is another operation known as the pick-off node, which, when

applied to a sequence, generates two other identical sequences.

Most digital signal processing systems are implemented using just these six operations on sequences

02.03 Classification of sequences

Sequences can be classified according to their symmetry properties:

• A real signal is called symmetric or even if:

x(n) = x(−n)

• A real signal is called anti-symmetric or odd if:

x(n) = −x(−n)
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{x(n)} = {. . . ,−3,−2,−1, 0, 2, 4, . . .}
↑

{x(n− 2)} = {. . . ,−3,−2,−1, 0, 2, 4, . . .}
↑

{x(n+ 2)} = {. . . ,−3,−2,−1, 0, 2, 4, . . .}
↑

Figure 02.02: Delayed or time advanced sequences

• A real signal can be decomposed in the addition of an even and an odd signal:

x(n) = xev(n) + xod(n)

xev(n) =
1

2

[
x(n) + x(−n)

]
xod(n) =

1

2

[
x(n)− x(−n)

]
• A complex signal is called conjugate-symmetric if

x(n) = x∗(−n),

which means that the real part of x(n) is even and the imaginary part is odd.
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{x(n)} = {. . . ,−3,−2,−1, 0, 2, 4, . . .}
↑

{x(−n)} = {. . . , 4, 2, 0,−1,−2,−3, . . .}
↑

Figure 02.03: Time reversed sequences

• A complex signal is called conjugate-antisymmetric if

x(n) = −x∗(−n),

which means that the real part of x(n) is odd and the imaginary part is even.

• A complex signal can be decomposed in the addition of a conjugate-symmetric and a conjugate-

antisymmetric signal:

x(n) = xcs(n) + xca(n)

xcs(n) =
1

2

[
x(n) + x∗(−n)

]
xca(n) =

1

2

[
x(n)− x∗(−n)

]
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Sequences can also be classified according to their periodicity or aperiodicity.

• A sequence such that xp(n) = xp(n + kN) for all n, with N ∈ N, N > 0, and k ∈ Z, is called a

periodic sequence with period N .

The smallest N > 0 for which xp(n) = xp(n+ kN) is called fundamental period of the sequence.

A sequence that is not periodic is called aperiodic.

Another classification comes from the energy and power content of the signals.

• The energy Ex of a signal x(n) is:

Ex =

+∞∑
n=−∞

∣∣x(n)∣∣2.
This definition applies both to real and to complex sequences.

A finite length sequence has always finite energy. An infinite length sequence can have finite or

infinite energy.

For example, the sequence

x1(n) =


1

n
n ≥ 1

0 n ≤ 0

has energy Ex =

+∞∑
n=1

(
1

n

)2

=
π2

6
. On the contrary, the sequence

x2(n) =


1√
n

n ≥ 1

0 n ≤ 0

has energy Ex =

+∞∑
n=1

(
1

n

)
= +∞.

• The average power of an aperiodic signal is:

Px = lim
K→+∞

1

2K + 1

K∑
n=−K

∣∣x(n)∣∣2.
The average power can be related to the energy by defining the energy in the interval [−K,K]:

Ex,K =

K∑
n=−K

∣∣x(n)∣∣2,
Px = lim

K→+∞

1

2K + 1
Ex,K .

From this relation we see that a signal with fixed energy has zero average power.

The average power of an infinite-length sequence can be finite or infinite.

For example, the signal x(n) = a for all n has average power Px = a2.

The average power of a periodic signal xp(n) of period N is

Px =
1

N

N−1∑
n=0

∣∣xp(n)
∣∣2

A signal with finite energy is called an energy signal.

A signal with finite average power is called a power signal.
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Other classifications that we will encounter in the upcoming lessons include the following:

• A sequence is called bounded if there exists a constant Bx such that∣∣x(n)∣∣ ≤ Bx ∀n.

• A sequence is called absolutely summable if

+∞∑
n=−∞

∣∣x(n)∣∣ < +∞.

• A sequence is called square-summable if

+∞∑
n=−∞

∣∣x(n)∣∣2 < +∞.

An example of a sequence that is square-summable but not absolutely summable is the sinc

sequence:

x(n) =


sin[ωcn]

πn
n ̸= 0

ωc

π
n = 0

02.04 Basic sequences

• The unit sample sequence δ(n), also called discrete-time impulse or unit impulse, is defined by

δ(n) =

{
1 n = 0

0 n ̸= 0
.

Thus,

δ(n− k) =

{
1 n = k

0 n ̸= k
.

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)
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Any sequence can be represented as the sum of infinite unit impulses, each shifted in time and

appropriately weighted.

For example,

{. . . , 0.95,−0.2, 1.2,−3.2, 1.4 . . .}
↑

= . . . 0.95 · {δ(n+ 2)} − 0.2 · {δ(n+ 1)}+ 1.2 · {δ(n)}
−3.2 · {δ(n− 1)}+ 1.4{δ(n− 2)}+ . . .

As a general rule, we have {
a(n)

}
=

+∞∑
m=−∞

a(m){δ(n−m)}

where δ(n − m) are the time-shifted unit impulses and a(m) are the corresponding weights. In

what follows we will neglect the curly brackets of the formula.

• The unit step sequence is defined by

µ(n) =

{
1 n ≥ 0

0 n < 0
.

(From S. K. Mitra, “Digital signal processing: a computer

based approach”, McGraw Hill, 2011)

Note that:

µ(n) =

+∞∑
m=0

δ(n−m)

δ(n) = µ(n)− µ(n− 1)

• The real sinusoidal sequence is defined by

x(n) = A cos
(
ω0n+ ϕ

)
= A cos

(
2πf0n+ ϕ

)
ω0 = 2πf0 is called normalized angular frequency or simply angular frequency.

f0 is called normalized frequency or simply frequency.

ϕ is called initial phase.

A is the amplitude of the sinusoidal signal.

• The real exponential sequence is defined by

x(n) = Aan A, a ∈ R

If 0 < a < 1, it is an exponentially decreasing sequence.
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If a > 1, it is an exponentially increasing sequence.

If −1 < a < 0, it is an alternated exponentially decreasing sequence.

If a < −1, it is an alternated exponentially increasing sequence.

• The complex exponential sequence is defined by

x(n) = Aan a = r · ejω0 = eσ0+jω0
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with A, a ∈ C.

Since A =
∣∣A∣∣ · ejϕ, we can also write:

x(n) =
∣∣A∣∣ · eσ0n · ej

(
ω0n+ϕ

)
=
∣∣A∣∣eσ0n

[
cos
(
ω0n+ ϕ

)
+ j sin

(
ω0n+ ϕ

)]
.

The real and imaginary parts of the complex exponential sequence are sinusoids with amplitude

that increase or decrease exponentially.

A notable special case of the complex exponential sequence is the generalized sinusoidal se-

quence defined by

x(n) = ej
(
ω0n+ϕ

)
= cos

(
ω0n+ ϕ

)
+ j sin

(
ω0n+ ϕ

)
.

• Property: A sinusoidal (or generalized sinusoidal) sequence is periodic if and only if the normal-

ized frequency f0 is a rational number, i.e., f0 ∈ Q.

Proof: A sequence x(n) is periodic if and only if x(n) = x(n + N) for some N > 0 and for all n.

Let us impose this equality. In our case:

A · cos
[
2πf0n+ ϕ

]
= A · cos

[
2πf0(n+N) + ϕ

]
Thus, the arguments can differ only by a multiple of 2π:

2πf0(n+N) + ϕ = 2πf0n+ ϕ+ 2πk

with k ∈ Z. By simplifying the last identity we arrive to:

f0N = k =⇒ f0 =
k

N
∈ Q.

Q.E.D.

• Property: Two sinusoidal sequences with the same amplitude and phase, whose angular fre-

quencies differ for a multiple of 2π, are equal.

Proof: Let us consider

x1(n) = A cos
(
ω1n+ ϕ

)
x2(n) = A cos

(
ω2n+ ϕ

)
with ω2 = ω1 + k · 2π and k ∈ Z. Thus

x2(n) = A cos
(
ω1n+ k2πn+ ϕ

)
=

= A cos
(
ω1n+ ϕ

)
= x1(n)

Q.E.D.
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• In the sinusoidal sequence

x(n) = A cos
(
ω0n+ ϕ

)
,

the frequency of oscillations in x(n) increases with ω0 varying from 0 to π.

The frequency of oscillations in x(n) is maximum for ω0 = π (since x(n) = . . . ,−A,+A,−A,+A, . . .).

The frequency of oscillations in x(n) decreases with ω0 varying from π to 2π.

Eventually, this behavior repeats (with period 2π) in the intervals [2π, 4π], [4π, 6π], etc..

Let us consider the sinusoidal function

xa(t) = A cos(Ωt+ ϕ) = A cos(2πft+ ϕ).

Let us sample it with a sampling frequency Fs =
1

T
:

x(n) = xa(t)
∣∣∣
t=nT

= A cos(2πfnT + ϕ)

= A cos(2π
f

Fs
n+ ϕ)

This is a sinusoidal sequence with normalized frequency f0 =
f

Fs
. It explains the origin of the term

’normalized frequency’: it is normalized with respect to the sampling frequency.

If 0 < 2π
f

Fs
< π, i.e., Fs > 2f , the sinusoidal sequence follows the behavior of the sinusoidal function.

In other words, as f increases, f0 increases, and the frequency of oscillation increases.

On the contrary, if 2π
f

Fs
> π, the sinusoidal sequence is unable to accurately follow the behavior of the

sinusoidal function.

We will explore an important theorem, the sampling theorem, which states that a continuous-time signal

can be faithfully reconstructed from his samples provided that the signal is sampled with a frequency at

least twice its maximum frequency.

For more information study:
S. K. Mitra, ”Digital Signal Processing: a computer based approach,” 4th edition, McGraw-Hill, 2011

Chapter 2.1, pp. 41-45

Chapter 2.2, pp. 46-49

Chapter 2.3.3, pp. 58-62

Chapter 2.4, pp. 62-68
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03 Discrete-time signals in the frequency domain

We have observed that each sequence can be expressed in the time domain as the weighted sum of

infinite impulse sequences shifted in time:

x(n) =

+∞∑
m=−∞

x(m)δ(n−m).

In this chapter, we will explore an alternative representation of sequences through the weighted sum

of infinite complex exponential sequences of the form e−jωn, where ω represents the normalized an-

gular frequency. This approach allows us to achieve a meaningful representation of sequences in the

frequency domain and introduces the concept of signal spectrum.

We will initially explore continuous-time signals and introduce the Continuous-Time Fourier Transform

(CTFT). Subsequently, we will transition to the discrete-time domain and introduce the Discrete-Time

Fourier Transform (DTFT). Finally, we will examine the relationship between these transforms, particu-

larly in the case of sampled signals.

Jean Baptiste Joseph Fourier, a French mathematician born in 1768, was the first to comprehend (in

the early 1800s) that every periodic function can be represented as the sum of an infinite series of

appropriately weighted sine and cosine functions at different frequencies.

03.01 The Fourier series

Let us assume that xp(t) is a complex function (xp(t) ∈ C), periodic with period T , continuous in t (with

t ∈ R). Then,

xp(t) =

+∞∑
n=−∞

cn · ej
2π
T nt

where

cn =
1

T

∫ +T
2

−T
2

xp(t) e
−j 2π

T nt dt

For the Euler’s formula

ej θ = cos θ + j sin θ,

and xp(n) is the sum of infinite sine and cosine functions at different frequencies, with each sine/cosine

function multiplied by an appropriate weight coefficient.

Note that we can represent the function xp(t) in the angular frequency domain
2π

T
n = Ω by associating

to every discrete frequency
2π

T
n the corresponding coefficient cn:
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The periodic signal is represented in the frequency domain by an infinite number of discrete “lines”,

corresponding to the coefficients of the Fourier series expansion of the signal. These lines are uniformly

spaced and separated by
2π

T
.

Note that by increasing the period of the periodic function, the lines tend to become narrower (more

frequent). Thus, we can understand that aperiodic functions (satisfying certain conditions we will see

later) can also be expressed as the sum of sine and cosine functions, or, more precisely, as the sum

of complex exponential functions ejΩt (whose frequency varies continuously) multiplied by a frequency-

varying weight function.

Thus, we arrive at the Continuous-Time Fourier Transform (CTFT).

03.02 The Continuous-Time Fourier Transform

The frequency domain representation of a continuous-time signal xa(t) is given by the Continuous-Time

Fourier Transform (CTFT), defined as1

Xa(jΩ) =

∫ +∞

−∞
xa(t) e

−jΩtdt

The CTFT is also referred to as the Fourier spectrum, or simply spectrum, of the continuous-time signal.

The continuous-time signal xa(t) can be reconstructed from its CTFT by means of the inverse continuous-

time Fourier transform (ICTFT), defined as

xa(t) =
1

2π

∫ +∞

−∞
Xa(jΩ)e

jΩtdΩ.

Note the bijective mapping between the signal xa(t) and its transform:

xa(t)
CTFT←→ Xa(jΩ)

Ω is a real variable representing the continuous-time angular frequency, measured in rad/s.

The inverse transform can be interpreted as the linear combination of infinitesimally small complex

exponential signals of the form 1
2π e

jΩtdΩ.

1Why Xa(jΩ) and not Xa(Ω)? It is simply a convention. Another transform, the Laplace transform Xa(s), is defined on the
entire complex plane, and when evaluated on the imaginary axis (i.e., for s = jΩ), it yields the CTFT.
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We can also express the transform in polar form:

Xa(jΩ) =
∣∣Xa(jΩ)

∣∣ · ejθa(Ω),

where θa(Ω) = arg {Xa(jΩ)}.∣∣Xa(jΩ)
∣∣ is referred to as the magnitude spectrum, and θa(Ω) is called the phase spectrum. Both∣∣Xa(jΩ)
∣∣ and θa(Ω) are real functions of the angular frequency Ω.

Note that not all signals admit the CTFT. The integral
∫ +∞
−∞ ·dt may not converge. The CTFT exists if the

continuous-time signal xa(t) satisfies the Dirichlet conditions:

1. The signal has a finite number of discontinuities and a finite number of maxima and minima in any

finite interval.

2. The signal is absolutely integrable, i.e.,∫ +∞

−∞

∣∣xa(t)
∣∣ < +∞

If these conditions are satisfied,
∫ +∞
−∞ xa(t)e

−jΩtdt converges and xa(t) =
1
2π

∫ +∞
−∞ Xa(jΩ)e

jΩtdΩ apart

from the discontinuity points.

Example:

xa(t) =

{
e−αt t ≥ 0

0 t < 0
,

with 0 < α < +∞.

This signal satisfies the Dirichlet conditions. Indeed, it has a unique discontinuity and∫ +∞

−∞

∣∣xa(t)
∣∣ = ∫ +∞

0

e−αtdt = − e−αt

α

∣∣∣∣+∞

0

= 0−
(
− 1

α

)
=

1

α

CTFT[xa(t)] = Xa(jΩ) =

∫ +∞

0

e−αt e−jΩtdt =

∫ +∞

0

e−(α+jΩ)tdt

= − 1

α+ jΩ
e−(α+jΩ)t

∣∣∣∣+∞

0

=
1

α+ jΩ

/
· α− jΩ

α− jΩ

=
α− jΩ

α2 +Ω2

∣∣Xa(jΩ)
∣∣ =√Re{}2 + Im{}2 =

1√
α2 +Ω2

θa(Ω) = arctan
Im{}
Re{}

= −arctan
Ω

α
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(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

CTFT of a Dirac delta function

The Dirac delta function δ(t) is a function of the continuous-time variable t with notable properties,

defined as:

δ(t) =

{
0 t ̸= 0

+∞ t = 0

with ∫ +∞

−∞
δ(t)dt = 1.

It is the limit, as T approaches 0, of the rectangular pulse

∆T (t) =


1

T
− T

2
≤ t ≤ +

T

2
0 elsewhere

Properties of Dirac delta function: ∫ +∞

−∞
f(t) δ(t)dt = f(0)∫ +∞

−∞
f(t) δ(t− t0)dt = f(t0)

CTFT
{
δ(t)

}
= ∆(jΩ) =

∫ +∞

−∞
δ(t)e−jΩtdt = 1

CTFT
{
δ(t− t0)

}
=

∫ +∞

−∞
δ(t− t0)e

−jΩtdt = e−jΩt0
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Linearity of the CTFT

If Fa(jΩ) is the CTFT of fa(t) and Ga(jΩ) is the CTFT of ga(t), the CTFT of xa(t) = αfa(t) + βga(t),

with α and β constants, is

Xa(jΩ) = αFa(jΩ) + βGa(jΩ).

Proof:

Xa(jΩ) =

∫ +∞

−∞
xa(t) e

−jΩtdt =

=

∫ +∞

−∞
[αfa(t) + βga(t)] e

−jΩtdt =

= α

∫ +∞

−∞
fa(t) e

−jΩtdt+ β

∫ +∞

−∞
ga(t) e

−jΩtdt =

= αFa(jΩ) + βGa(jΩ)

Q.E.D.

Time-shift property

If Ga(jΩ) is the CTFT of ga(t), the CTFT of xa(t) = ga(t− t0), with t0 constant, is

Ga(jΩ)e
−jΩt0 .

Proof:

Xa(jΩ) =

∫ +∞

−∞
ga(t− t0) e

−jΩtdt =

Let us introduce the change of variables t′ = t− t0, i.e., t = t′ + t0:

=

∫ +∞

−∞
ga(t

′) e−jΩ(t′+t0)dt′ =

=

∫ +∞

−∞
ga(t

′) e−jΩt′dt′e−jΩt0 =

= Ga(jΩ)e
−jΩt0 .

Q.E.D.

Symmetry property of the CTFT

The CTFT of a real signal xa(t) ∈ R satisfies the property

Xa(−jΩ) = X∗
a(jΩ)

where x∗ is the conjugate of x.

Proof:

Xa(jΩ) =

∫ +∞

−∞
xa(t)e

−jΩtdt

X∗
a(jΩ) =

∫ +∞

−∞
x∗
a(t)e

jΩtdt
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=

∫ +∞

−∞
xa(t)e

−j(−Ω)tdt

= Xa(−jΩ).

Q.E.D.

Energy density spectrum

The total energy Ex of a continuous-time signal xa(t) is given by

Ex =

∫ +∞

−∞

∣∣xa(t)
∣∣2dt.

An absolutely integrable signal, i.e., a signal for which
∫ +∞

−∞

∣∣xa(t)
∣∣dt < +∞, has finite energy, but

there exist signals with finite energy which are not absolutely integrable. Moreover, there are signals

with infinite energy (for example, periodic signals).

Consider a finite energy signal that admits CTFT. We can express the energy as a function of Xa(jΩ):

Ex =

∫ +∞

−∞

∣∣xa(t)
∣∣2dt = ∫ +∞

−∞
xa(t)x

∗
a(t)dt =∫ +∞

−∞
xa(t)

[
1

2π

∫ +∞

−∞
X∗

a(jΩ)e
−jΩtdΩ

]
dt

where we have replaced x∗
a(t) with the ICTFT. Let us exchange the two integrations:

Ex =
1

2π

∫ +∞

−∞
X∗

a(jΩ)

∫ +∞

−∞
xa(t)e

−jΩtdtdΩ

The inner integral is the CTFT of xa(t). Thus

Ex =
1

2π

∫ +∞

−∞
X∗

a(jΩ)Xa(jΩ)dΩ =
1

2π

∫ +∞

−∞

∣∣Xa(jΩ)
∣∣2dΩ

The integral from −∞ to +∞ of the squared magnitude spectrum equals the signal energy. Thus, the

following theorem is proved.

Parseval’s Theorem:

Ex =

∫ +∞

−∞

∣∣xa(t)
∣∣2dt = 1

2π

∫ +∞

−∞

∣∣Xa(jΩ)
∣∣2dΩ

Sxx(Ω) =
∣∣Xa(jΩ)

∣∣2 is also called Energy density spectrum of the signal xa(t), and it provides the

energy content of the signal at angular frequency Ω.

The energy of the signal xa(t) in a frequency range Ωa ≤ Ω ≤ Ωb can be computed by integrating

Sxx(Ω) over the interval [Ωa,Ωb]:

Ex,r =
1

2π

∫ Ωb

Ωa

Sxx(Ω)dΩ.

Band limited signals

A full-band continuous-time signal xa(t) has a spectrum occupying the entire frequency range. A signal

is called band-limited if its spectrum occupies only a portion of the frequency range −∞ < Ω < +∞.
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An ideal band-limited signal has spectrum that is zero outside a certain range Ωa ≤
∣∣Ω∣∣ ≤ Ωb, with

0 ≤ Ωa,Ωb ≤ +∞, i.e.,

Xa(jΩ) =

{
0 0 ≤ |Ω| < Ωa

0 Ωb < |Ω| < +∞

[Why do we consider |Ω| instead of Ω? Because if the signal xa(t) is real, Xa(−jΩ) = X∗
a(jΩ), i.e., the

spectrum has conjugate symmetry. If Xa(jΩ) ̸= 0 in a range [Ωa,Ωb], then Xa(jΩ) ̸= 0 in [−Ωb,−Ωa]. ]

It is not possible to generate an ideal band-limited signal, but in most applications, it suffices to ensure

that the signal has sufficiently low energy outside the interval [Ωa,Ωb] of interest.

A signal is called low-pass if its spectrum occupies the frequency range 0 ≤ |Ω| ≤ Ωp, where Ωp is

called the signal bandwidth.

A signal is called high-pass if its spectrum occupies the frequency range Ωp ≤ |Ω| ≤ +∞, and the signal

bandwidth extends from Ωp to∞.

Eventually, a signal is called passband if its spectrum occupies the frequency range 0 < ΩL ≤ |Ω| ≤
ΩH < +∞, where ΩH − ΩL is the signal bandwidth.

03.03 The Discrete-Time Fourier Transform

The frequency domain representation of a discrete-time signal is given by the Discrete-Time Fourier

Transform (DTFT). This transform expresses a sequence as a weighted combination of complex expo-

nential sequences of the form ejωn, where ω is the normalized angular frequency, and ω ∈ R.

If it exists, the DTFT of a sequence is unique and the original sequence can be recovered from its

transform with an inverse transform operation.

The DTFT X(ejω) of a sequence x(n) is defined by:

X(ejω) =

+∞∑
n=−∞

x(n)e−jωn.

Example:

Let us compute the DTFT of the unit impulse sequence δ(n),

δ(n) =

{
1 n = 0

0 n ̸= 0

∆(ejω) =

+∞∑
n=−∞

δ(n)e−jωn = 1 · e−jω0 = 1

Example:

Let us compute the DTFT of the causal exponential sequence x(n) = αnµ(n), where |α| < 1 and µ(n)
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is the unit step sequence.

X(ejω) =

+∞∑
n=−∞

αnµ(n)e−jωn =

=
+∞∑
n=0

αne−jωn =

=

+∞∑
n=0

(
αe−jω

)n
=

=
1

1− αe−jω

since |αejω| = |α| < 1.

To derive this result, we have used the following identity:

+∞∑
n=0

qn =
1

1− q
if |q| < 1.

We will encounter this exponential series frequently. The sum can be easily computed using the follow-

ing steps:

S =

M−1∑
n=0

qn = 1 + q + q2 + . . .+ qM−1

S · q = q + q2 + . . .+ qM

S − S · q = S(1− q) = 1− qM

S =
1− qM

1− q
.

If |q| < 1 and M −→ +∞, then qM −→ 0 and S −→ 1

1− q
.

Q.E.D.

From the definition of the DTFT of a sequence x(n), we can notice that it is a continuous function of the

normalized angular frequency ω. Unlike the CTFT, the DTFT is a periodic function of ω with a period of

2π. Indeed,

X(ej(ω+2πk)) =

+∞∑
n=−∞

x(n)e−j(ω+2πk)n =

=

+∞∑
n=−∞

x(n)e−jωn · e−j2πkn =
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=

+∞∑
n=−∞

x(n)e−jωn = X(ejω),

where we used the fact that e−j2πkn = 1 for k and n integers.

Note that
+∞∑

n=−∞
x(n)e−jωn is the Fourier series expansion of the periodic function X(ejω).

Thus, the coefficients of the Fourier series, x(n), can be computed from X(ejω) using the Fourier

integral:

x(n) =
1

2π

∫ +π

−π

X(ejω)ejωndω,

which is the Inverse Discrete-Time Fourier Transform (IDTFT).

The IDTFT can be interpreted as the linear combination of infinitesimally small complex exponential

signals of the form
1

2π
ejωndω weighted by the complex function X(ejω).

Let us verify that

x(n) =
1

2π

∫ +π

−π

X(ejω)ejωndω.

By replacing the definition of X(ejω) with

X(ejω) =

+∞∑
l=−∞

x(l)e−jωl

we have

x(n) =
1

2π

∫ +π

−π

+∞∑
l=−∞

x(l)e−jωlejωndω =

by interchanging
∫

and
∑

:

=
1

2π

+∞∑
l=−∞

x(l)

∫ +π

−π

ejω(n−l)dω

For computing this integral, we will consider two cases.

If n ̸= l, ∫ +π

−π

ejω(n−l)dω =

∫ +π

−π

cos
[
ω(n− l)

]
dω + j

∫ +π

−π

sin
[
ω(n− l)

]
dω =

=
sin
[
ω(n− l)

]
(n− l)

∣∣∣∣∣
+π

−π

=

=
2 sin

[
π(n− l)

]
(n− l)

= 0.

Here, we have first exploited the fact that sin
[
ω(n− l)

]
is an odd function and has

∫ +π

−π
dω = 0. Finally,

we have used the fact that sin
[
π(n− l)

]
= 0.

If n = l, ∫ +π

−π

ejω(n−l)dω =

∫ +π

−π

ejω0dω = 2π.

Thus, in general, it is ∫ +π

−π

ejω(n−l)dω = 2πδ(n− l)
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where δ(n) is the unit impulse sequence.

Eventually, we have

1

2π

+∞∑
l=−∞

x(l)

∫ +π

−π

ejω(n−l)dω =

+∞∑
l=−∞

x(l)δ(n− l) = x(n)

Q.E.D.

In general, the DTFT of a sequence is a complex function of the real variable ω:

X(ejω) = Xre(e
jω) + jXim(e

jω)

with Xre(e
jω) and Xim(e

jω) ∈ R.

Xre(e
jω) =

1

2

[
X(ejω) +X∗(ejω)

]
,

Xim(e
jω) =

1

2j

[
X(ejω)−X∗(ejω)

]
.

The DTFT can be expressed in polar form as

X(ejω) =
∣∣X(ejω)

∣∣ ejθ(ω)

where
∣∣X(ejω)

∣∣ is called magnitude spectrum, and θ(ω) is called the phase spectrum:

θ(ω) = arctan
Xim(e

jω)

Xre(ejω)

Note that there is an indetermination of 2πk, with k ∈ Z, in the knowledge of θ(ω). Indeed, θ(ω) is an

angle measured in radians.

Like X(ejω), also Xre(e
jω), Xim(e

jω),
∣∣X(ejω)

∣∣, and θ(ω) are periodic functions of ω with period 2π.

Thus, it suffices to know these functions for −π < ω ≤ π to know them everywhere.

Symmetry properties of the DTFT of a real sequence

If x(n) ∈ R:

X(e−jω) = X∗(ejω).

In fact:

X∗(ejω) =

+∞∑
n=−∞

x∗(n)ejωn

=

+∞∑
n=−∞

x(n)e−j(−ω)n

= X(e−jω).

For this relation, if x(n) ∈ R we have that

Xre(e
−jω) = Xre(e

jω) is an even function,

Xim(e
−jω) = −Xim(e

jω) is an odd function,
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∣∣ = ∣∣X(ejω)
∣∣ is an even function,

θ(−ω) = −θ(ω) is an odd function.

If x(n) is real and even (x(n) = x(−n)),

X(ejω) = Xre(e
jω) is an real function.

Indeed:

X(ejω) =

−1∑
n=−∞

x(n)ejωn + x(0) +

+∞∑
n=1

x(n)ejωn

(Change the variable of the first sum as follows n′ = −n)

=

+∞∑
n′=1

x(−n′)e−jωn′
+ x(0) +

+∞∑
n=1

x(n)ejωn

= x(0) +

+∞∑
n=1

x(n)
[
e−jωn + ejωn

]
= x(0) +

+∞∑
n=1

x(n)2 cos(ωn)

Q.E.D.

If x(n) is real and odd (x(−n) = −x(n)),

X(ejω) = jXim(e
jω) is an imaginary function.

Convergence conditions

The series that defines the Fourier transform could or could not converge. We say that the DTFT exists

if its series converges according to some criteria.

Sufficient conditions for the existence of the DTFT of a sequence x(n) are the following:

• x(n) is absolutely summable, i.e.,
+∞∑
−∞
|x(n)| < +∞

In this case, we talk about uniform convergence.

• x(n) is a finite energy signal
+∞∑
−∞
|x(n)|2 < +∞

In this case, we talk about mean square convergence.

These two conditions are quite restrictive. Note that the first condition is stronger than the second. An

absolutely summable signal is always a finite energy signal because:

+∞∑
−∞
|x(n)|2 ≤

(
+∞∑
−∞
|x(n)|

)2

.
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Example

An absolutely summable signal is the following causal exponential sequence

x(n) = αnµ(n)

for |α| < 1.

Indeed,
+∞∑

n=−∞
|αnµ(n)| =

+∞∑
n=0

|αn| = 1

1− |α|
< +∞.

We have already seen that its DTFT is
1

1− αe−jω
.

Example

A signal that is not absolutely summable (but has a DTFT) is the signal with the following ideal low-pass

DTFT:

HLP(e
jω) =

{
1 0 ≤ |ω| ≤ ωc

0 ωc < |ω| ≤ π

Let us compute the corresponding signal, which we will encounter frequently.

Let us compute the IDTFT:

hLP(n) =
1

2π

∫ +π

−π

HLP(e
jω)ejωndω,

for −∞ < n < +∞ and n ̸= 0:

hLP(n) =
1

2π

∫ +ωc

−ωc

ejωndω

=
1

2π

[
ejωcn

jn
− e−jωcn

jn

]

=
sin(ωcn)

πn
,

for n = 0

hLP(n) =
1

2π

∫ +ωc

−ωc

dω =
ωc

π

Thus,

hLP(n) =


ωc

π
n = 0

sin(ωcn)

πn
n ̸= 0

Since
sinωcn

πn
=

ωc

π

sin(ωcn)

ωcn
,
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and since for the L’Hopital’s rule lim
x→0

sinx

x
= 1, assuming by convention that

sin(ωc0)

ωc0
= 1, we can write

for all n

hLP(n) =
sin(ωcn)

πn
.

Note that
+∞∑
−∞
|hLP(n)| = +∞, i.e., the sequence is not absolutely summable, but it admits DTFT be-

cause it is a finite energy sequence.

The DTFT can be defined also for a certain class of sequences that are not absolutely summable, nor

have finite energy, e.g., the unit step sequence, the sinusoidal sequence, or the complex exponential

sequence. In these cases the expression of the DTFT involves Dirac delta functions.

Example

The DTFT of the complex exponential sequence x(n) = ejω0n is

X(ejω) =

+∞∑
k=−∞

2πδ(ω − ω0 + 2πk)

The DTFT X(ejω) is a periodic function in ω with period 2π and it is called a periodic pulse train.

Let us prove this relation by computing the IDTFT:

x(n) =
1

2π

∫ +π

−π

+∞∑
k=−∞

2πδ(ω − ω0 + 2πk)ejωndω

If −π < ωo ≤ π, the only non-null function in the interval [−π,+π] is δ(ω − ω0), thus

x(n) =
1

2π
2π

∫ +π

−π

δ(ω − ω0)e
jωndω = ejω0n

for the properties of δ(ω).

Q.E.D

03.04 Properties of DTFT

Let us assume that G(ejω) is the DTFT of a sequence g(n) and that H(ejω) is the DTFT of a sequence

h(n). The following properties hold.
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Linearity property

If x(n) = αg(n) + βh(n), with α and β constants, the DTFT of x(n) is X(ejω) = αG(ejω) + βH(ejω).

αg(n) + βh(n)
DTFT←→ αG(ejω) + βH(ejω)

Proof:

X(ejω) =

+∞∑
n=−∞

(αg(n) + βh(n)) e−jωn

= α

+∞∑
n=−∞

g(n)e−jωn + β

+∞∑
n=−∞

h(n)e−jωn

= αG(ejω) + βH(ejω)

Q.E.D.

Time reversal

The DTFT of g(−n) is G(e−jω).

g(−n) DTFT←→ G(e−jω)

Proof:
+∞∑

n=−∞
g(−n)e−jωn =

+∞∑
n′=−∞

g(n′)e−jω(−n′) =

(where we have considered the following change of variables n′ = −n)

=

+∞∑
n′=−∞

g(n′)e−j(−ω)n′

Q.E.D.

Time-shifting

The DTFT of g(n− n0) is e−jωn0G(ejω).

g(n− n0)
DTFT←→ e−jωn0G(ejω)

Proof:
+∞∑

n=−∞
g(n− n0)e

−jωn =

+∞∑
n′=−∞

g(n′)e−jω(n′+n0) =

(where we have considered the following change of variables n′ = n− n0)

=

+∞∑
n′=−∞

g(n′)e−jωn′
e−jωn0

Q.E.D.

Frequency-shifting

The DTFT of ejω0ng(n) is G(ej(ω−ω0)).

ejω0ng(n)
DTFT←→ G(ej(ω−ω0))
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Proof:
+∞∑

n=−∞
g(n)ejω0ne−jωn =

+∞∑
n=−∞

g(n)e−j(ω−ω0)n

Q.E.D.

Frequency differentiation

The DTFT of ng(n) is j
dG(ejω)

dω
.

ng(n)
DTFT←→ j

dG(ejω)

dω

Proof: Omitted.

Modulation

The DTFT of g(n) · h(n) is
1

2π

∫ +π

−π

G(ejθ)H(ej(ω−θ))dθ.

g(n) · h(n) DTFT←→ 1

2π

∫ +π

−π

G(ejθ)H(ej(ω−θ))dθ

Proof:

y(n) = g(n) · h(n)

Y (ejω) =

+∞∑
n=−∞

g(n)h(n)e−jωn

=

+∞∑
n=−∞

1

2π

∫ +π

−π

G(ejθ)ejθndθ h(n)e−jωn

(where we have replaced g(n) with its IDTFT. By exchanging
∑

and
∫

... )

=
1

2π

∫ +π

−π

G(ejθ)

+∞∑
n=−∞

h(n)e−jωnejθndθ

=
1

2π

∫ +π

−π

G(ejθ)

+∞∑
n=−∞

h(n)e−j(ω−θ)ndθ

=
1

2π

∫ +π

−π

G(ejθ)H(ej(ω−θ))dθ

Q.E.D.

The last integral is called convolution integral. We will introduce the concept of convolution in one of the

following lessons.

Parseval theorem
+∞∑

n=−∞
g(n)h∗(n) =

1

2π

∫ +π

−π

G(ejω)H∗(ejω)dω

Proof: (Similar to the previous one)

+∞∑
n=−∞

g(n)h∗(n) =

+∞∑
n=−∞

g(n)

(
1

2π

∫ +π

−π

H∗(ejω)e−jωndω

)
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=
1

2π

∫ +π

−π

H∗(ejω)

(
+∞∑

n=−∞
g(n)e−jωn

)
dω

=
1

2π

∫ +π

−π

G(ejω)H∗(ejω)dω

Q.E.D.

The linearity property, the time-shift property, the frequency shift property, the modulation property and

the Parseval theorem find similar formulations also with the CTFT.

Examples using these theorems:

Let us compute the DTFT of the finite length exponential sequence:

y(n) =

{
αn 0 ≤ n < M − 1

0 otherwise

with |α| < 1.

y(n) = αnµ(n)− αnµ(n−M)

= αnµ(n)− αMαn−Mµ(n−M)

We already know that:

αnµ(n)
DTFT←→ 1

1− αe−jω

For the linearity and the time shift properties we have

Y (ejω) =
1

1− αe−jω
− αM e−jωM

1− αe−jω

=
1− αMe−jωM

1− αe−jω

Let us compute the DTFT of the causal sequence v(n) defined by the finite difference equation:

d0v(n) + d1v(n− 1) = p0δ(n) + p1δ(n− 1)

with d0 ̸= 0, and d1 ̸= 0.

Let us apply the DTFT to both terms of the finite difference equation. By exploiting the linearity and

time-shift properties and remembering that DTFT{δ(n)} = 1, we have

d0V (ejω) + d1e
−jωV (ejω) = p0 + p1e

−jω

Thus,

V (ejω) =
p0 + p1e

−jω

d0 + d1e−jω
.

Let us compute the DTFT of y(n) = (−1)nαnµ(n) with |α| < 1.

It is also y(n) = ejπn (αnµ(n)) = ejπnx(n), where we considered x(n) = αnµ(n).
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We can apply the frequency-shifting property:

Y (ejω) = X(ej(ω−π)) =
1

1− αe−j(ω−π)
=

1

1 + αe−jω
.

Energy density spectrum

The total energy of a sequence g(n) is given by

Eg =

+∞∑
n=−∞

|g(n)|2 .

By applying the Parseval theorem with h(n) = g(n) we have

Eg =
1

2π

∫ +π

−π

∣∣G(ejω)
∣∣2 dω.

Sgg(e
jω) =

∣∣G(ejω)
∣∣2 is called energy density spectrum, and it defines how the energy of the sequence

is distributed over the frequency spectrum.

Example:

Let us compute the energy of the low-pass ideal signal

+∞∑
n=−∞

|hLP(n)|2 =
1

2π

∫ +π

−π

∣∣HLP(e
jω)
∣∣2 dω =

1

2π

∫ +ωc

−ωc

dω =
ωc

π
< +∞

Band-limited signals

In general, the spectrum of a discrete-time signal is defined on the entire frequency range−π < ω ≤ +π.

A band-limited signal has a spectrum that is limited to part of this range.

An ideal low-pass signal has

X(ejω)

{
̸= 0 0 ≤ |ω| ≤ ωp

= 0 ωp < |ω| ≤ π

ωp is called signal bandwidth.

An ideal high-pass signal has

X(ejω)

{
= 0 0 ≤ |ω| < ωp

̸= 0 ωp ≤ |ω| ≤ π

The signal bandwidth is given by π − ωp.

An ideal passband signal has

X(ejω)


= 0 0 ≤ |ω| < ωa

̸= 0 ωa ≤ |ω| ≤ ωb

= 0 ωb < |ω| < π

The signal bandwidth is given by ωb − ωa.
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03.05 The sampling theorem

Most of the signals we encounter in the real world are continuous-time signals (e.g. voice, music, im-

ages). Digital signal processing algorithms are often applied to process these continuous-time signals.

To do that, signals are first sampled and coded with an A/D converter, then they are digitally processed,

and finally, they are converted back to the analog form with a D/A converter.

We want to study the relations that link the continuous-time signals with the corresponding discrete-time

signals.

Let us consider a continuous-time signal ga(t). We assume to uniformly sample it with sampling period

T . We obtain the sequence:

g(n) = ga(nT ) −∞ < n < +∞.

The sampling frequency is FT =
1

T
. The continuous-time Fourier transform, CTFT, of ga(t) is

Ga(jΩ) =

∫ +∞

−∞
ga(t)e

−jΩtdt,

and the DTFT of g(n) is

G(ejω) =

+∞∑
n=−∞

g(n)e−jωn.

We want to find the relation that exists between Ga(jΩ) and G(ejω).

Mathematically, we can consider the sampling operations as the product of a signal ga(t) and a periodic

pulse train p(t), where

p(t) =

+∞∑
n=−∞

δ(t− nT ),

composed of an infinite sequence of Dirac impulses uniformly spaced in time and separated by the

period T .

The multiplication between ga(t) and p(t) results in a continuous-time function

gp(t) = ga(t) · p(t) =
+∞∑

n=−∞
ga(nT ) δ(t− nT ),

which is also composed of infinite Dirac impulses, placed at time t = nT , and weighted by the sample

value ga(nT ).

We will provide two expressions for the CTFT of gp(t). The first one is derived directly from the last

expression of gp(n) considering that the CTFT of {δ(t− nT )} is e−jΩnT .

For the linearity property of the CTFT:

Gp(jΩ) =

+∞∑
n=−∞

ga(nT )e
−jΩnT .

By comparing this relation with the expression of G(ejω), we see that

G(ejω) = Gp(jΩ)|Ω= ω
T
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Gp(jΩ) = G(ejω)
∣∣
ω=ΩT

The DTFT G(ejω) coincides with the CTFT of gp(n), apart from a frequency axis normalization. This

normalization maps the point at ω = 2π of G(ejω) to the point at ΩT = 2πFT of Gp(jΩ).

In what follows, we find a second form for Gp(jΩ).

Assume you have two continuous time signals a(t) and b(t) with CTFT A(jΩ) and B(jΩ), respectively.

The CTFT of the product y(t) = a(t) · b(t) is

Y (jΩ) =
1

2π

∫ +∞

−∞
A(jΨ) ·B

(
j(Ω−Ψ)

)
dΨ

Proof:

Y (jΩ) =

∫ +∞

−∞
a(t) · b(t)e−jΩtdt =

=

∫ +∞

−∞

1

2π

∫ +∞

−∞
A(jΨ)ejΨtdΨ · b(t)e−jΩtdt =

(obtained by replacing a(t) with its ICTFT)

=
1

2π

∫ +∞

−∞
A(jΨ)

∫ +∞

−∞
b(t)e−j(Ω−Ψ)tdtdΨ =

=
1

2π

∫ +∞

−∞
A(jΨ)B

(
j(Ω−Ψ)

)
dΨ

Q.E.D.

We can use the property we have just proved to evaluate the CTFT of

gp(t) = ga(t) · p(t).

We assume knowing the CTFT of ga(t). Let us compute the CTFT of the pulse train p(t). In what follows,

we prove that

P (jΩ) =
2π

T

+∞∑
k=−∞

δ(Ω− k
2π

T
)

i.e., the CTFT of p(t) is also a uniformly spaced pulse train.

Proof:

Note that the pulse train p(t) is a periodic signal with a period of T . Thus, we can expand p(t) with the

Fourier series:

p(t) =

+∞∑
k=−∞

cke
j 2π

T kt

with

ck =
1

T

∫ T
2

−T
2

p(t)e−j 2π
T ktdt =

=
1

T

∫ T
2

−T
2

δ(t)e−j 2π
T ktdt =
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(because in the interval [−T
2 ,+

T
2 ] only one pulse, δ(t), is different from 0)

=
1

T
e−j 2π

T k0 =
1

T

Thus,

p(t) =
1

T

+∞∑
k=−∞

ej
2π
T kt

and for the linearity of the CTFT

P (jΩ) =
1

T

+∞∑
k=−∞

CTFT
{
ej

2π
T kt
}
.

We can easily verify that

CTFT
{
ej

2π
T kt
}
= 2πδ(Ω− 2π

T
k)

Indeed, the IDFT of the right-hand side is

1

2π

∫ +∞

−∞
2πδ(Ω− 2π

T
k)ejΩtdΩ = ej

2π
T kt

(for the properties of the Dirac function).

Replacing CTFT
{
ej

2π
T kt
}

in the expression of P (jΩ), we have

P (jΩ) =
2π

T

+∞∑
k=−∞

δ(Ω− k
2π

T
).

We can now compute Gp(jΩ)

Gp(jΩ) =
1

2π

∫ +∞

−∞
Ga(jΨ) · P

(
j(Ω−Ψ)

)
dΨ =

=
1

2π

∫ +∞

−∞
Ga(jΨ) · 2π

T

+∞∑
k=−∞

δ(Ω−Ψ− k
2π

T
)dΨ =

=
1

T

+∞∑
k=−∞

∫ +∞

−∞
Ga(jΨ) · δ(Ω−Ψ− k

2π

T
)dΨ =

=
1

T

+∞∑
k=−∞

Ga

(
j(Ω− k

2π

T
)
)
=

=
1

T

+∞∑
k=−∞

Ga

(
j(Ω− kΩT )

)
with ΩT = 2π

T .

Consequently,

G(ejω) = Gp(jΩ)|Ω= ω
T
=

=
1

T

+∞∑
k=−∞

Ga

[
j
(ω
T

+ kΩT

)]
=
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=
1

T

+∞∑
k=−∞

Ga

[
j
(ω + 2πk

T

)]
.

The DTFT is given by the periodic repetition, with a period of 2π, of the continuous spectrum Ga

(
j
ω

T

)
.

Ga

(
j
ω

T

)
is identical to Ga (jΩ), but the frequency axis has been normalized such that ω = 2π corre-

sponds to the angular sampling frequency ΩT = 2π
T .

In order to avoid any overlap between the repeated spectra, it must be

Ga

(
j
ω

T

)
= 0 for |ω| > π,

or, equivalently,

Ga (jΩ) = 0 for |Ω| > π

T
=

ΩT

2
.

If this condition is satisfied, the discrete spectrum reproduces in the band [−π,+π] the continuous

spectrum.

If this condition is not satisfied, we have a distortion caused by the overlap of the tails of the spectrum.

This distortion is called aliasing.

The frequency
1

2T
=

FT

2
is called Nyquist frequency.

Similarly, the angular frequency
ΩT

2
is called Nyquist angular frequency.

Let us assume, for example, that our signal occupies the band [−Ωm,+Ωm].

If ΩT ≥ 2Ωm, the different repetitions of the spectrum do not overlap.

If ΩT < 2Ωm, the repetitions of the spectrum overlap, and we have an aliasing error.

See Figure 03.01.

If the continuous-time signal spectrum is preserved in the discrete domain (i.e., if we do not have

aliasing), we can reconstruct the original signal from the samples g(n) = ga(nT ).

For this purpose, let us build the signal:

gp(t) =

+∞∑
n=−∞

g(n)δ(t− nT ) =

=

+∞∑
n=−∞

ga(nT )δ(t− nT )

We know its CTFT:

Gp(jΩ) =
1

T

+∞∑
k=−∞

Ga [j(Ω + kΩT )] .

This continuous spectrum is given by the periodic repetition of the spectrum Ga(jΩ) with period ΩT .

If the signal has been sampled with a frequency ΩT > 2Ωm, where Ωm is the maximum signal frequency

of ga(t), we do not have aliasing, and the repetitions of Ga(jΩ) do not overlap. Thus, we can faithfully

reconstruct the signal ga(t) by passing the signal gp(t) through a filter (i.e., a device, a circuit) that lets

the spectrum in the band [−Ωm,Ωm] pass without any alteration, while it stops all signal components

outside that frequency range. We will see that such a filter is an ideal low-pass filter with bandwidth Ωm.

We have just proved the theorem that is at the basis of all signal processing and modern telecommuni-

cations, the sampling theorem.
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Figure 03.01: Illustration of sampling theorem.

The sampling theorem

(also called Nyquist-Shannon theorem)

Let ga(t) be a band-limited signal, with Ga(jΩ) = 0 for |Ω| > Ωm. Then, ga(t) is uniquely de-

termined by its samples ga(nT ), (i.e., can be faithfully reconstructed by its samples ga(nT ),)
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−∞ < n < +∞, if the angular sampling frequency

ΩT ≥ 2Ωm

with ΩT =
2π

T
.

In other words, if we want to be able to recover the band-limited signal ga(t) from its samples, we must

sample the signal with a frequency at least twice the signal bandwidth.

The signal can be recovered by generating the signal

gp(t) =

+∞∑
n=−∞

g(n)δ(t− nT )

and by filtering this signal with an ideal low-pass filter.

In general, real-world signals are not band-limited. They occupy an infinite band, but most of their

energy is concentrated at the low frequencies.

To avoid distortions due to aliasing, the signal is typically filtered with a low-pass filter before sampling.

This filter cuts off high frequencies and generates a band-limited signal. Such a filter is called an anti-

aliasing filter. After filtering, the signal can be safely sampled with a frequency greater than 2Ωm and

processed as desired.

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

Also the signal that comes out of the Digital to Analog (D/A) converter2 is filtered with a low-pass filter,

called the reconstruction filter or anti-imaging filter. In this way, all the frequencies (the images) outside

the band of the original signal, [−Ωm,+Ωm] are removed.

For example, to sample the voice in telephone applications, we exploit the fact that most of the voice

energy falls between 300 and 3400 Hz. The voice is then sampled at 8kHz, which is greater than

2 · 3.4kHz.

In audio CDs, the musical signal has a bandwidth ranging from 0 to 20kHz and is sampled at 44.1kHz.

In DAT and DVDs, for the same musical signal, a larger bandwidth has been considered, and it has

been sampled at 48kHz.

For more information study:
S. K. Mitra, ”Digital Signal Processing: a computer based approach,” 4th edition, McGraw-Hill, 2011

Chapter 3.1, pp. 89-93

Chapter 3.2-3.5, pp. 94-112

Chapter 3.8, pp. 115-124

2You can think of this signal as being gp(t), even though in reality, the Dirac pulses are replaced by rectangular pulses.
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04 Discrete-time systems

A system is a device, a circuit, an algorithm implemented on a PC or on any other processor, which

associates to the input signal (or the input signals) an output signal (or some output signals).

The function of a discrete-time system is to process one or more sequences, referred to as input se-

quences, with the aim of generating one or more sequences, known as output sequences. These output

sequences are expected to exhibit certain desired properties or emphasize specific information from the

input signals.

In most cases, our systems have a single input and a single output.

The input signal is typically denoted as x(n), and the corresponding output signal is represented as y(n).

Mathematically, a discrete-time system is defined by an operator H(·) that maps each input sequence

x(n) to the corresponding output sequence y(n).

In discrete-time systems of practical interest, all signals are digital signals (with discrete-time and dis-

crete amplitude), and the operations on these signals also result in digital signals. Such systems are

commonly referred to as digital filters. Throughout this discussion, we will interchangeably use the terms

’discrete-time system,’ ’discrete system,’ and ’digital filter’.

The term ’filter’ originates from these systems’ initial application in filtering the spectrum of a signal. The

system was designed to leave certain frequency components of the signal unaltered while removing, or

’filtering,’ other undesired frequencies—similarly to a mechanical filter.

04.01 Examples of simple systems

Examples of basic discrete-time systems are the following:

Constant multiplier:
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Unit delay:

Accumulator:

y(n) =

n∑
l=−∞

x(l)

Every time-instant n, the output y(n) is the sum of the input x(n) at time n and of all past input samples.

The input-output relationship can also be expressed alternatively as:

y(n) =

n−1∑
l=−∞

x(l) + x(n) = y(n− 1) + x(n).

In this form, the output at time n is the sum of the input sample at time n and of the previous value of

the output sample, y(n− 1).

Another alternative form is the following:

y(n) =

−1∑
l=−∞

x(l) +

n∑
l=0

x(l) = y(−1) +
n∑

l=0

x(l).

This form is used when the input signal x(n) is a causal signal (i.e., defined only for n ≥ 0) and y(−1) is

called initial condition.

Moving average:

y(n) =
1

M

M−1∑
l=0

x(n− l)

y(n) is the mean average value of the last M samples of x(n). This is a very simple filter, commonly

used in practice.

It’s worth noting that the expression for the moving average can be expressed in recursive form as

follows:

y(n) =
1

M

(
M−1∑
l=0

x(n− l) + x(n−M)− x(n−M)

)
=

=
1

M

(
M∑
l=1

x(n− l) + x(n)− x(n−M)

)
=

= y(n− 1) +
1

M
(x(n)− x(n−M)) .

It’s possible to describe the same system in different ways, corresponding to various implementations.

Further, we will observe that the moving average filter behaves like a low-pass filter, with a passband

inversely proportional to M (larger M results in a lower passband).

Exponentially weighted running average filter:

y(n) = αy(n− 1) + x(n)
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with 0 < α < 1.

This filter calculates the mean of past signal samples, with a greater emphasis on the most recent

samples of x(n). Through successive substitutions, we find that

y(n) =

+∞∑
l=0

αn−lx(n− l).

Here, the samples are multiplied by an exponential weight that gradually diminishes as we move away

from x(n).

Interpolation filter:

Suppose we have a signal sampled at a frequency of fc. To obtain the samples of the same signal

at a sampling frequency of 2fc, we can take the sequence sampled at fc, insert a zero between each

pair of samples, and then filter the resulting sequence with an interpolation filter. The interpolation filter

replaces all zero samples with the mean value of the preceding and succeeding samples:

y(n) = xu(n) +
1

2
(xu(n− 1) + xu(n+ 1))

The technique can be easily extended for interpolation factors of 3, 4, or even higher. For an interpola-

tion factor of 3, the formula becomes:

y(n) = xu(n) +
2

3
(xu(n− 1) + xu(n+ 1)) +

1

3
(xu(n− 2) + xu(n+ 2))

These filters find applications in image processing, particularly for enlarging images. For example, they

are used to transition from an image with N ×N pixels to an enlarged image with 2N × 2N pixels.

Median filter:

Consider a set of 2K +1 numbers. Ordering these numbers by their values, the ’median’ is the number

at the central position, precisely at position K when counted from 0. Therefore, there are K numbers

lower than or equal to the median and K numbers greater than or equal to the median.

The median filter is created by sliding a window of length 2K + 1 over the signal x(n) and selecting the

median value within this window:

y(n) = med {x(n−K), x(n−K + 1), . . . , x(n− 1), x(n), x(n+ 1), . . . , x(n+K)} .
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If the signal has a finite length, it is extended with zeros in both directions.

{. . . , 0, 1, 2, 1, 0, . . .} med3←→ {. . . , 0, 1, 1, 1, 0, . . .}

The median filter is widely employed in image processing to eliminate impulsive noises. Notably, it

possesses the property of preserving edges, a characteristic that contrasts with the smoothing effect

on borders when using low-pass filters like the moving average.

04.02 Classification of discrete-time systems

A discrete-time system is termed static or without memory if, for every input sequence {x(n)} and at

every time instant n, the output y(n) depends solely on the input sample at that time, x(n). It does not

depend on past or future output samples.

An example of a static system is the multiplier for a constant.

In contrast, a discrete-time system, where the output signal depends on both past and future input

samples, is termed dynamic.

A discrete-time system is termed linear if it satisfies the superposition principle: for any pair of input

signals x1(n) and x2(n), and for any arbitrary constants a1 and a2, if y1(n) and y2(n) are the responses

to x1(n) and x2(n), then the response to the input signal x(n) = a1x1(n)+ a2x2(n) is a1y1(n)+ a2y2(n).

x1(n) −→ y1(n)

x2(n) −→ y2(n)

a1x1(n) + a2x2(n) −→ a1y1(n) + a2y2(n)

Note that this property must hold for every choice of x1(n), x2(n), a1, a2.

The superposition principle can be separated into two parts:

• Multiplicative property

It the response to x(n) is y(n), then for all constants K the response to Kx(n) is Ky(n):

x(n) −→ y(n)

Kx(n) −→ Ky(n)

• Additive property

If the responses to x1(n) and x2(n) are y1(n) and y2(n), respectively, then the response to x1(n)+

x2(n) is y1(n) + y2(n):

x1(n) −→ y1(n)

x2(n) −→ y2(n)

x1(n) + x2(n) −→ y1(n) + y2(n)
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Every system that does not satisfy the superposition principle is called nonlinear.

Examples: Let us first consider the accumulator:

y1(n) =

n∑
m=−∞

x1(m)

y2(n) =

n∑
m=−∞

x2(m)

The response to a1x1(n) + a2x2(n) is

y(n) =

n∑
m=−∞

(a1x1(m) + a2x2(m)) =

= a1

n∑
m=−∞

x1(m) + a2

n∑
m=−∞

x2(m) =

= a1y1(n) + a2y2(n)

Thus, the accumulator in this form is linear.

Let us now consider the alternative form of the accumulator:

y1(n) = y1(−1) +
n∑

m=0

x1(m)

y2(n) = y2(−1) +
n∑

m=0

x2(m)

The response to a1x1(n) + a2x2(n) is

y(n) = y(−1) +
n∑

m=0

(a1x1(m) + a2x2(m)) =

= y(−1) + a1

n∑
m=0

x1(m) + a2

n∑
m=0

x2(m)

On the contrary, we have

a1y1(n) + a2y2(n) = a1y1(−1) + a2y2(−1) + a1

n∑
m=0

x1(m) + a2

n∑
m=0

x2(m)

The two expressions are equal if and only if:

a1y1(−1) + a2y2(−1) = y(−1),

but this condition must be satisfied for all a1, a2, x1(n), x2(n), and for all y1(−1), y2(−1), y(−1). Since

y1(−1), y2(−1), y(−1) are initialization constants, this condition is not generally satisfied unless we

assume the system to be initially at rest, i.e., with y1(−1) = y2(−1) = y(−1) = 0. If the system has zero

initial conditions, it is linear. Conversely, if it has an initial condition different from zero, it is a nonlinear

system.

© 2024 Alberto Carini 48/600



Digital Signal and Image Processing
04.02 Classification of discrete-time systems

Computer Engineering
University of Trieste

Another example of nonlinear system is the median filter.

Let us consider a median filter of length 3.

{x1(n)} = {3, 4, 5} −→ {y1(n)} = {3, 4, 4}

{x2(n)} = {2,−1,−1} −→ {y2(n)} = {0,−1,−1}

{x1(n)}+ {x2(n)} = {5, 3, 4} −→ {y1(n)} = {3, 4, 3}

But {3, 4, 3} ≠ {y1(n)}+ {y2(n)} = {3, 3, 3}.

A system is termed time-invariant or shift-invariant if, for any input x(n) with a response y(n) and for

any constant k ∈ Z, the response to x(n− k) is y(n− k):

x(n) −→ y(n)

x(n− k) −→ y(n− k)

Note that this property must hold for every possible choice of x(n) and k.

In the following, we will particularly focus on Linear Time-Invariant (LTI) discrete-time systems. LTI sys-

tems exhibit both linearity and time-invariance properties. These characteristics make them straightfor-

ward to analyze and characterize, facilitating easy design. Consequently, LTI systems find widespread

use in processing digital signals.

For these systems, we can explicitly express the rule H(·) that maps the input signal to the output

signal. In other words, for LTI systems, we can formulate a mathematical rule that computes the output

signal samples based on the knowledge of the input signal samples. Notably, the concepts of impulse

response and convolution sum play a crucial role in this context.
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04.03 Impulse response and convolution sum

The impulse response of a LTI system is defined as the system’s response to the unit impulse input

signal:

x(n) = δ(n) −→ y(n) = h(n)

We have observed that every sequence x(n) can be represented as the sum of an infinite number of

impulses, appropriately scaled:

x(n) =

+∞∑
m=−∞

x(m)δ(n−m)

But

δ(n) −→ h(n)

δ(n−m) −→ h(n−m)

(for the time-invariance property)

x(m)δ(n−m) −→ x(m)h(n−m)

(for the multiplicative property)

+∞∑
m=−∞

x(m)δ(n−m) −→
+∞∑

m=−∞
x(m)h(n−m)

(for the additive property).

Thus, in an LTI system, the output sequence can be calculated from the input sequence using the

following relation:

y(n) =

+∞∑
m=−∞

x(m)h(n−m) = x(n)⊛ h(n)

This sum is known as the convolution sum. Additionally, we say that the signal x(n) is convolved with

h(n).

The impulse response is sufficient to completely describe LTI systems. Knowing h(n) allows us to

determine y(n) for any input x(n).

Properties of the convolution sum

Commutative property:

x(n)⊛ h(n) = h(n)⊛ x(n)

Proof:

y(n) =

+∞∑
m=−∞

x(m)h(n−m)

Let us consider the change of variable m′ = n−m, i.e., m = n−m′

y(n) =

+∞∑
m′=−∞

x(n−m′)h(m′) = h(n)⊛ x(n)
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Q.E.D.

Physical interpretation:

The system with input x(n) and impulse response h(n) has the same response y(n) as the system with

input h(n) and impulse response x(n):

Associative property:

[x(n)⊛ h1(n)]⊛ h2(n) = x(n)⊛ [h1(n)⊛ h2(n)]

Physical interpretation:

If we consider the cascade of two systems with impulse responses h1(n) and h2(n), respectively, the

resulting system has an impulse response given by h1(n)⊛ h2(n):

Distributive property:

[x1(n) + x2(n)]⊛ h(n) = x1(n)⊛ h(n) + x2(n)⊛ h(n)

and also

x(n)⊛ [h1(n) + h2(n)] = x(n)⊛ h1(n) + x(n)⊛ h2(n)

Physical interpretation of the last relation:

If we consider the parallel connection of two systems with impulse responses h1(n) and h2(n), respec-

tively, the resulting system has an impulse response given by h1(n) + h2(n):
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Computation of the convolution sum

y(n) =

+∞∑
m=−∞

x(m)h(n−m)

We can compute y(n0) = y(n)
∣∣∣
n=n0

by means of the following operations:

• Fold the sequences h(m) to obtain h(−m).

• Time-shift h(−m) of n0 samples to the right for n0 > 0 (time delay), or to the left by |n0| samples

for n0 < 0 (time advancement), resulting in h(n0 −m).

• Perform element-wise multiplication between x(m) and h(n0−m) to get Vn0
(m) = x(m)h(n0−m).

• Sum of all the terms of Vn0(m).

Conceptually, this method can be applied to any pair of sequences x(n) and h(n). However, in practice,

this approach is feasible only when at least one of the two sequences has a finite length.
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Tabular method for computing the convolution sum.

The convolution sum of two finite-length sequences can be computed using a tabular method, similar

to the technique used for elementary school multiplication.

Let us consider the convolution of a sequence {x(n)} with a length of 4 for 0 ≤ n ≤ 3, and a sequence

{h(n)} with a length of 3 for 0 ≤ n ≤ 2. The resulting sequence has a length of 4 + 3− 1 = 6.

y(n) = x(n)⊛ h(n), 0 ≤ n ≤ 5.

The samples of the two sequences are multiplied using the classical tabular method of multiplications,

without considering carry operations between columns:

To begin, multiply h(0) with each element of x(n) and fill the first row of the table.

Next, compute the product of h(1) with each element of x(n) and fill the second row of the table, moving

one position to the right.

Following that, compute the product of h(2) with each element of x(n) and fill the third row of the table,

moving two positions to the right.

Continue this process for all the samples of h(n)

Finally, add all the terms along the columns to obtain y(n).

Note that along the columns, we perform the folding and time-shifting by n0 samples of x(n), i.e.,

x(n0 −m).

Example:
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The tabular method can also be employed to evaluate the convolution of finite-length two-sided se-

quences. In this case, we can use the decimal point to mark the position of n = 0. Determining the

position of y(0) can be done by inserting the decimal point in the output sequence following the classical

rule of multiplication between decimal numbers. Alternatively, it can be determined by recognizing that

the number of terms to the left of y(0) is simply the sum of the number of terms to the left of x(0) and

the number of terms to the left of h(0).

Example:
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Causal linear time-invariant systems.

A discrete-time system is termed causal if, at every time instant n, the output y(n) depends solely on

the present and past samples of x(n) (i.e., x(n), x(n− 1), x(n− 2), etc.), while it remains independent

of the future samples of the signal (x(n+ 1), x(n+ 2), x(n+ 3), etc.).

Systems that are not causal are referred to as noncausal.

In real-time digital signal processing systems, the observation of future samples of the signal is not

possible, rendering noncausal systems unrealizable. Hence, the property of causality is also known as

the realizability property.

Property: An LTI system is causal if and only if its impulse response is zero for n < 0:

causality⇐⇒ h(n) = 0 ∀n < 0.

Proof:

y(n) =

+∞∑
m=−∞

h(m) · x(n−m) =

=

−1∑
m=−∞

h(m) · x(n−m) +

+∞∑
m=0

h(m) · x(n−m)

The first term depends on the future samples of x(n), while the second term depends only on the

present and past samples of x(n). Thus, the system is causal if and only if h(n) = 0 ∀n < 0.

Q.E.D.

An example of a noncausal system is the linear interpolator.

In a causal system, the convolution sum is given by

y(n) =

+∞∑
m=0

h(m)x(n−m)

=

n∑
m=−∞

x(m)h(n−m)

In analogy to the causality property of LTI systems, sequences that are zero for all n < 0 are referred to

as causal.
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If the input of a causal LTI system is a causal sequence, the boundaries of the convolution sum are

further reduced since we have:

y(n) =

n∑
m=0

h(m)x(n−m)

=

n∑
m=0

x(m)h(n−m)

Stability of LTI discrete-time systems

A discrete time system is defined BIBO stable (Bounded Input Bounded Output stable) if, for every

bounded input signal x(n), the output signal y(n) is bounded.

If the input signal is bounded, there exists a constant Mx such that

|x(n)| ≤Mx < +∞ ∀n.

If the system is BIBO stable, there must exist a constant My such that, for any |x(n)| ≤Mx,

|y(n)| ≤My < +∞ ∀n.

Property: A LTI discrete-time system is BIBO stable if and only if

+∞∑
n=−∞

|h(n)| < +∞,

i.e., if and only if the impulse response is absolutely summable.

Proof:

First, let’s prove that this condition is sufficient for BIBO stability.

If x(n) is bounded, there exists Mx such that

|x(n)| ≤Mx < +∞ ∀n.

Thus,

|y(n)| =

∣∣∣∣∣
+∞∑

m=−∞
h(m)x(n−m)

∣∣∣∣∣ ≤
≤

+∞∑
m=−∞

|h(m)x(n−m)| ≤

≤
+∞∑

m=−∞
|h(m)|Mx

If we define My = Mx

+∞∑
m=−∞

|h(m)|, it is proved that, if h(n) is absolutely summable, there exists a

constant My such that

|y(n)| ≤My < +∞ ∀n.

Now, let’s prove that it is also a necessary condition. To this purpose, let us assume

+∞∑
m=−∞

|h(m)| = +∞
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and let us demonstrate that it is always possible to find a bounded input whose output is not bounded.

If h(n) ∈ R, one of such signals is

x(n) = sign[h(−n)] =

{
+1 h(−n) ≥ 0

−1 h(−n) < 0

Surely, x(n) is bounded because |x(n)| = 1. If we consider the output of our system for n = 0:

y(0) =

+∞∑
m=−∞

h(m)x(0−m) =

=

+∞∑
m=−∞

h(m)sign[h(m)] =

=

+∞∑
m=−∞

|h(m)| = +∞

Here, for simplicity, we have considered a real h(n). However, everything holds true for a complex h(n)

as well. It is sufficient to consider

x(n) =
h∗(−n)
|h(−n)|

.

Finite Impulse Response and Infinite Impulse Response LTI systems

An LTI discrete-time system is termed a Finite Impulse Response (FIR) system if its impulse response

has a finite length, i.e.

h(n) = 0 ∀n < N1 or n > N2,

with N1 ≤ N2. h(n) has only N = N2 −N1 + 1 elements different from 0. In this case, the convolution

sum simplifies to

y(n) =

N2∑
m=N1

h(m)x(n−m).

As this sum is finite, it can be directly used to compute y(n).

For a causal FIR system of length N :

h(n) = 0 ∀n < 0 or n ≥ N,

and the output is given by

y(n) =

N−1∑
m=0

h(m)x(n−m).

A system whose impulse response has infinite length (i.e., contains an infinite number of elements

different from 0) is referred to as an Infinite Impulse Response (IIR) system. In the case of a causal IIR

system, the output is given by

y(n) =

+∞∑
m=0

h(m)x(n−m).

While FIR systems can be directly implemented using the convolution sum, IIR systems cannot be

realized through the convolution sum due to the requirement of an infinite number of additions, multipli-

cations, and memory elements.
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In practice, in digital signal processing, we often focus on a subclass of LTI and causal discrete-time

systems. This subclass comprises all systems that can be represented by a finite difference equation

with constant coefficients, i.e., they can be expressed in the following form:

y(n) =

M∑
i=0

bix(n− i)−
N∑
i=1

aiy(n− i)

for all n ≥ 0.

For this class of systems, the output can be computed directly from some past samples of the input

and output signals. These systems are causal, as they involve only the past samples and the present

sample of the input signal.

To compute y(n) from the input signal x(n), knowledge of the N initial conditions, y(−1), y(−2), . . .,
y(−N), is required. If these N initial conditions are all zero,

y(−1) = y(−2) = . . . = y(−N) = 0,

the system is termed initially at rest.

The class of systems that can be described by a finite difference equation with constant coefficients

includes all causal FIR systems and a subset of causal LTI IIR systems.

There are causal IIR systems that cannot be described by a finite difference equation. For instance, the

system with impulse response:

h(n) =


1

n2
n > 0

0 n ≤ 0

is a causal, BIBO-stable system, but it lacks a representation in terms of a finite difference equation.

04.04 Frequency response

We have seen that every sequence can be represented in the time domain as the weighted sum of an

infinite number of unit pulses, shifted in time:

x(n) =

+∞∑
m=−∞

x(m)δ(n−m).

This representation leads to an important consequence – the characterization of LTI systems using the

impulse response and the convolution sum.

We have also seen that sequences can be represented by means of a weighted sum of an infinite

number of complex exponential sequences {ejωn}. This representation leads to another description of

LTI systems through the so-called Frequency Response.

Let us consider an LTI system with impulse response h(n) and let us excite the system with a complex

exponential sequence ejωn with −∞ < n < +∞.
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y(n) =

+∞∑
m=−∞

h(m)ejω(n−m) =

=

+∞∑
m=−∞

h(m)e−jωmejωn =

= H(ejω) · ejωn.

Thus, if we apply a complex exponential sequence ejωn to the input of our system, the output is the

same exponential sequence multiplied by the complex constant H(ejω).

H(ejω) is the Discrete-Time Fourier Transform (DTFT) of the impulse response h(n) and is referred to

as the Frequency Response of the LTI system.

|H(ejω)| is termed the amplitude response (or magnitude response), and argH(ejω) is termed the phase

response of the LTI system.

The frequency response completely characterizes the response of an LTI system in the frequency do-

main. Indeed,

y(n) = x(n)⊛ h(n)
DTFT←→ Y (ejω) = H(ejω)X(ejω)

Proof:

Y (ejω) =

+∞∑
n=−∞

y(n)e−jωn =

=

+∞∑
n=−∞

(
+∞∑

m=−∞
h(m)x(n−m)

)
e−jωn =

=

+∞∑
m=−∞

h(m)

+∞∑
n=−∞

x(n−m)e−jω(n−m)e−jωm =

=

+∞∑
m=−∞

h(m)X(ejω)e−jωm =

= X(ejω)

+∞∑
m=−∞

h(m)e−jωm =

= X(ejω)H(ejω)

Q.E.D.

The Discrete-Time Fourier Transform (DTFT) transforms the convolution sum of two sequences into

the product of their respective DTFTs. If we know the frequency response of an LTI system, we can

calculate the output sequence, denoted as y(n) and representing the response to the input sequence

x(n), through the following steps:

1. X(ejω) = DTFT {x(n)}

2. Y (ejω) = X(ejω)H(ejω)
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3. y(n) = IDTFT {Y (ejω)}

The main inconvenience is represented by the fact that the IDTFT requires the computation of the

integral of a continuous function. We will address this inconvenience later by introducing the Discrete

Fourier Transform (DFT).

The concept of digital filter

An application of LTI systems is to allow certain frequency components of a sequence to pass without

distortions while blocking any other frequency component. Such systems are referred to as digital filters.

For example, let us consider the low pass filter with frequency response:

H(ejω) ≃

{
1 0 ≤ |ω| ≤ ωc

0 ωc ≤ |ω| ≤ π

Let the system input be

x(n) = A cos(ω1n) +B cos(ω2n)

with 0 < ω1 < ωc < ω2 < π. Since cos(ωn) = 1
2 [e

jωn + e−jωn], it can be easily proved that:

y(n) ≃ A|H(ejω1)|cos
(
ω1n+ arg{H(ejω1}

)
≃ Acos(ω1n).

Thus, the output comprises only the first cosine component, which lies within the passband of the filter,

while the second component outside the passband is eliminated.

Example:

Let us consider the system {
y(n) = ay(n− 1) + x(n)

y(−1) = 0.

We aim to calculate the frequency response of this system. If x(n) = δ(n) then it is easy to observe

through successive substitutions that

y(n) = h(n) = an ∀n ≥ 0.

H(ejω) =

+∞∑
n=0

ane−jωn =

+∞∑
n=0

(
ae−jω

)n
=

=
1

1− ae−jω
,

provided that |a| < 1.

|H(ejω)| = 1

|1− a cos(ω) + ja sin(ω)|
=

=
1√

(1− a cos(ω))2 + a2 sin2(ω)
=

=
1√

1− 2a cos(ω) + a2
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arg {H(ejω)} = arg
{

ejω

ejω − a

}
= ω − arctan

(
sin(ω)

cos(ω)− a

)
.

When a > 0, the filter exhibits a low-pass behavior, while for a < 0, it demonstrates a high-pass behavior.

This is a first-order system as it involves only one delayed sample of the output. With first-order systems,

we can implement either low-pass or high-pass filters.

For more information study:
S. K. Mitra, ”Digital Signal Processing: a computer based approach,” 4th edition, McGraw-Hill, 2011

Chapter 4.1-4.5, pp. 141-163

Chapter 4.7.1, pp. 173-174

Chapter 4.8.1-4.8.2, pp. 175-177
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05 The Z-Transform

05.01 Definition of the Z-Transform

The Z-Transform is a generalization of the discrete-time Fourier transform. It exists for many sequences

for which the DTFT does not exist. It is a function of the complex variable z.

Given a sequence g(n), the Z-Transform is expressed as

G(z) =

+∞∑
n=−∞

g(n)z−n,

where z = Re (z) + jIm (z) represents a continuous complex variable.

We will denote the Z-Transform of g(n) also as:

Z{g(n)} = G(z) =

+∞∑
n=−∞

g(n)z−n.

If we consider z = r · ejω,

G(z) =

+∞∑
n=−∞

g(n)r−ne−jωn.

This expression can be interpreted as the Discrete-Time Fourier Transform (DTFT) of the modified

sequence {g(n)r−n}.
When we compare the definition of G(z) with the DTFT of g(n):

G(ejω) =

+∞∑
n=−∞

g(n)e−jωn

we observe that

G(ejω) = G(z)
∣∣∣
z=ejω

,

assuming these transforms exist.

We can provide a geometrical interpretation to the Z-Transform by considering a point z in the complex

plane.
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Assigned r and ω, the point z = rejω in the complex plane lies at the end of a vector with a magnitude

of r and an angle of ω radians with respect to the real axis.

The set of points with |z| = 1 and consequently with z = ejω, forms a circle with radius one (unit circle)

in the z plane.

For r = 1, z = ejω and the Z-Transform G(z) evaluated on the unit circle yields the DTFT of g(n),

assuming that this DTFT exists.

For z = 1, G(z) = G(ej0), i.e., the value G(ejω) for ω = 0.

For z = j, G(z) = G(ej
π
2 ), i.e., the value G(ejω) for ω = π

2 .

For z = −1, G(z) = G(ejπ), i.e., the value G(ejω) for ω = π.

For z = −j, G(z) = G(ej
3π
2 ), i.e., the value G(ejω) for ω = 3π

2 .

By moving along the unit circle from z = 1, till z = −1, till z = 1 again, we obtain all values of G(ejω)

for 0 ≤ ω ≤ 2π. As observed earlier, the DTFT is periodic with a period of 2π. Thus, by moving along

the unit circle in either a clockwise or anti-clockwise direction, we can compute G(ejω) for all values of

ω within the range −∞ < ω < +∞.

As with the DTFT, the Z-Transform converges only when specific conditions are met, and typically, it

converges within a specific region of the complex z plane.

For a given sequence, the set R of z values for which the Z-Transform converges is referred to as the

Region of Convergence (ROC). In particular, it can be proven that the Z-Transform converges for all

values of z for which the sequence g(n)r−n is absolutely summable (with r = |z|):
+∞∑
n=∞

∣∣g(n)r−n
∣∣ < +∞.

Even if the sequence g(n) is not absolutely summable, g(n)r−n could still be absolutely summable. In

other words, even if the sequence g(n) does not have does not have a DTFT, it may have a Z-Transform

within a certain region of the complex z plane.

Furthermore, the condition of absolute summability indicates that if there exists a specific z = rejω

for which the Z-Transform exists (i.e., for which
∑+∞

n=∞ |g(n)r−n| < +∞), then the Z-Transform exists

throughout the entire circle with a radius of r.

In general, the Region of Convergence R forms an annular region in the complex z plane:

Rg− < |z| < Rg+, with 0 ≤ Rg− ≤ Rg+ ≤ +∞.

We will observe that different sequences can share the same Z-Transform; however, in such cases,

they may have distinct regions of convergence. Therefore, it is crucial to explicitly specify the region of

convergence for the Z-Transform.

Example:

Let’s compute the Z-Transform of the causal sequence x(n) = αnµ(n):

X(z) =

+∞∑
n=−∞

αnµ(n)z−n =

+∞∑
n=0

αnz−n.

This series converges if and only if |αz−1| < 1, and it converges to

X(z) =
1

1− αz−1
.
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The region of convergence is |z| > α.

For α = 1, x(n) = µ(n), thus µ(z) =
1

1− z−1
with a region of convergence |z| > 1.

Whenever the sequence is causal, the region of convergence lies outside a circle centered at the origin

of the z plane.

Example:

Let us compute the Z-Transform of the exponential acausal sequence

x(n) = −αnµ(−n− 1)

X(z) =

+∞∑
n=−∞

x(n)z−n =

−1∑
n=−∞

−αnz−n =

(consider n = −m)

=

∞∑
m=1

−α−mzm = −α−1z

+∞∑
m=0

α−mzm =

=
−α−1z

1− α−1z
=

1

1− αz−1

provided |α−1z| < 1.

We have obtained the same Z-Transform of the previous causal sequence, but now the region of con-

vergence is |z| < α.

Note that acausal sequences always have a region of convergence that is a circle centered at the origin

of the z plane.

Two-sided sequences consist of a causal part and an acausal part, and their Z-Transform, if it converges

at all, has an annular region of convergence.
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This can be easily explained, as the causal part has a region of convergence |z| > R1, and the acausal

part has a region of convergence |z| < R2. If R1 < R2, the two-sided sequence has a region of

convergence R1 < |z| < R2. On the contrary, if R2 > R1 the Z-Transform does not converge.

Example:

Let’s compute the Z-Transform of the finite length sequence

x(n) =

{
αn M ≤ n ≤ N − 1,

0 elsewhere.

X(z) =

N−1∑
n=M

αnz−n =

= αMz−M + αM+1z−M−1 + . . .+ αN−1z−N+1 =

= αMz−M
N−M−1∑

m=0

αmz−m =

= αMz−M 1− αN−Mz−(N−M)

1− αz−1
=

=
αMz−M − αNz−N

1− αz−1

Since the series is composed of a finite number of terms, the region of convergence coincides with the

entire z plane, except possibly from z = 0 or z =∞.

In particular, for N − 1 ≥M ≥ 0, the region of convergence is the entire z plane except at z = 0.

If N − 1 > 0, M < 0, the region of convergence is the entire z plane except at z = 0 and z =∞.

If M ≤ N − 1 < 0, the region of convergence is the entire z plane except at z =∞.

If the region of convergence comprises the unit circle, the sequence admits the DTFT.

Nevertheless, even if a sequence has DTFT, there is no guarantee that the sequence also has a Z-

Transform.

For example, the ideal low-pass sequence hLP (n), defined as

H(ejω) =

{
1 |ω| < ωc,

0 otherwise
,

admits DTFT, but it does not have a Z-Transform. Indeed, hLP (n)r
−n, for any r, is not absolutely

summable.
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All the Z-Transforms we will consider in this course will always be rational functions of z−1, i.e., the ratio

of two polynomials:

H(z) =
P (z)

Q(z)
=

p0 + p1z
−1 + . . .+ pMz−M

d0 + d1z−1 + . . .+ dNz−N

The polynomial degree of the numerator is M , and that of the denominator is N .

An alternative form represents H(z) as the ratio of two polynomials in z:

H(z) = zN−M p0z
M + p1z

M−1 + . . .+ pM
d0zN + d1zN−1 + . . .+ dN

Both relations can be written in a factorized form as1

H(z) =
p0
d0

M∏
l=1

(
1− ξlz

−1
)

N∏
l=1

(
1− λlz

−1
) =

p0
d0

zN−M

M∏
l=1

(z − ξl)

N∏
l=1

(z − λl)

where ξl and λl are the roots of the numerator and denominator polynomials in z.

When z = ξl, we have H(ξl) = 0. Thus, the roots of the numerator ξl are referred to as the zeros of

H(z).

When z = λl, we have H(λl) =∞. Thus, the roots of the denominator λl are referred to as the poles of

H(z).

Note that in our Z-Transform H(z) we have M zeros and N poles.

Moreover, if N > M we have additional (N −M) zeros in the origin; if M > N we have additional

(M −N) poles in the origin.

Note also that a rational Z-Transform can be fully characterized by the positions of its poles λl and zeros

ξl, along with the constant term
p0
d0

.

It is interesting to observe that the region of convergence of a rational Z-Transform is delimited by the

location of its poles.

If H(z) has N poles, each with a different magnitude, we will have N+1 possible regions of convergence.

For each of these regions of convergence, we have a different sequence h(n) that shares the same Z-

Transform H(z).

1
M∏
i=1

xi = x1 · x2 · . . . · xM .
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05.02 The inverse Z-Transform

Let us denote C a closed contour in the region of convergence that encloses the origin (for example, C
could be a circle centered in the origin within the region of convergence). The expression for the Inverse

Z-Transform is given by:

g(n) =
1

2πj

∮
C
G(z)zn−1dz,

where
∮
C indicates the integration performed on the closed contour C.

In general, it is challenging to directly evaluate the integral along a closed contour. Additionally, the

integral needs to be computed for every time value n.

Fortunately, we will only consider rational Z-Transforms and causal sequences. Under these conditions,

there are simple methods that allow us to compute the Z-Transform.

A first method for computing the Z-Transform is the tabular method. Very often, the Z-Transform has

a simple expression or can be decomposed into the sum of simple expressions. Many books provide

tables that offer inverses for these elementary transforms.

Z{x(n)} x(n) R.O.C.

1 δ(n) z-plane

z−N δ(n−N) z-plane - {z = 0}
1

1− z−1
µ(n) |z| > 1

1

1− αz−1
αnµ(n) |z| > |α|

αz−1

(1− αz−1)2
nαnµ(n) |z| > |α|

1

(1− αz−1)2
(n+ 1)αnµ(n) |z| > |α|

For example, if we have

H(z) =
0.5z

z2 − z + 0.25
R.O.C. |z| > 0.5

Then,

H(z) =
0.5z

(z − 0.5)2
=

0.5z−1

(1− 0.5z−1)2
.

From the table, we can deduce that h(n) = n 0.5nµ(n).

A second method for the Z-Transform inversion is that of the partial fraction expansion.

If a sequence is causal, the region of convergence is external to a circle centered in the origin. We

can compute the inverse Z-Transform of a rational function G(z) by decomposing it into partial fractions,

inverting each of the partial fractions, and summing up all the resulting sequences. We exploit the

linearity property of the Z-Transform, which we will study later:

“Let g(n) and h(n) be two sequences with Z-Transform G(z) and H(z), respectively. For any constant
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α and β, the Z-Transform of αg(n) + βh(n) is αG(z) + βH(z) with the region of convergence being the

intersection of the regions of convergence of G(z) and H(z).”

We consider G(z) =
P (z)

D(z)
, where P (z) is a polynomial of degree M and D(z) is a polynomial of degree

N .

If M ≥ N , the rational function
P (z)

D(z)
is called an improper fraction.

If M < N , the rational function is called a proper fraction.

If the fraction is improper, we can decompose it as the sum of a polynomial in z−1 plus a proper fraction:

G(z) =

M−N∑
l=0

ηlz
−l +

P1(n)

D(n)
,

where the degree of P1(n) is lower than N . To obtain this expression, it suffices to divide P (z) by D(z)

(we will cover polynomial division later).

The inverse-transform of
M−N∑
l=0

ηlz
−l is known, as it is

M−N∑
l=0

ηlδ(n− l). Thus, we concentrate our attention

only on the inversion of a proper rational function. We will distinguish two cases:

• simple poles,

• multiple poles.

Simple poles:

In most cases, G(z) is a proper rational function with simple poles, i.e., with all distinct poles.

Let us denote λk, 1 ≤ k ≤ N , the N poles of G(z). Then, G(z) can be rewritten in the following form:

G(z) =

N∑
l=1

ρl
1− λlz−1

,

where the ρl constants are called residuals and can be easily computed using:

ρl = (1− λlz
−1)G(z)

∣∣∣
z=λl

(i.e., by removing the factor (1 − λlz
−1) from the denominator and computing the resulting value for

z = λl).

Each term
ρl

1− λlz−1
has a simple inverse: ρl λ

n µ(n). Thus, by exploiting the linearity of the Z-

Transform, we get

g(n) =

N∑
l=1

ρl λ
n
l µ(n).

Example:

H(z) =
1 + 2.0z−1

(1− 0.2z−1) · (1 + 0.6z−1)

H(z) =
ρ1

1− 0.2z−1
+

ρ2
1 + 0.6z−1
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λ1 = 0.2 and λ2 = −0.6.

ρ1 =
1 + 2.0z−1

1 + 0.6z−1

∣∣∣
z=0.2

=
1 + 2 · (0.2)−1

1 + 0.6 · (0.2)−1
=

11

4
= 2.75

ρ2 =
1 + 2.0z−1

1− 0.2z−1

∣∣∣
z=−0.6

=
1 + 2 · (−0.6)−1

1− 0.2 · (−0.6)−1
=

0.6− 2.0

0.6 + 0.2
= −1.75

Thus, we obtain

h(n) = 2.75 (0.2)n µ(m)− 1.75 (−0.6)n µ(n)

Another way to compute the residues is to express the numerator of G(z) as a function of the residues ρi

and then impose the equality of the numerator polynomials. This way, we obtain a system of equations

in the unknown ρi which, once solved, allows us to derive the partial fraction expansion of G(z).

In the previous example:

H(z) =
ρ1

1− 0.2z−1
+

ρ2
1 + 0.6z−1

=

=
ρ1(1 + 0.6z−1) + ρ2(1− 0.2z−1)

(1− 0.2z−1) · (1 + 0.6z−1)
=

=
ρ1 + ρ2 + (0.6ρ1 − 0.2ρ2)z

−1

(1− 0.2z−1) · (1 + 0.6z−1)

Imposing:

ρ1 + ρ2 + (0.6ρ1 − 0.2ρ2)z
−1 = 1 + 2z−1

it must be: {
ρ1 + ρ2 = 1

0.6ρ1 − 0.2ρ2 = 2

Solving this system of equations, we obtain ρ1 = 2.75 and ρ2 = −1.75.

When the rational function has real coefficients, the complex poles always appear in complex-conjugate

pairs, and the corresponding residues are also complex-conjugate. Thus, they can be combined into a

single fraction of the second order:

ρl
1− λlz−1

+
ρ∗l

1− λ∗
l z

−1
=

p0,l + p1,lz
−1

1 + d1,lz−1 + d2,lz−2

Multiple poles:

If G(z) is a rational function with multiple poles (double poles, triple poles, or even of higher order), the

partial fraction expansion takes on a different form.

Suppose z = ν is a pole of multiplicity L (i.e., in the denominator there are L roots equal to ν), and that

the other poles are simple. We have

G(z) =

N−L∑
l=1

ρl
1− λlz−1

+

L∑
i=1

γi
(1− νz−1)i

© 2024 Alberto Carini 69/600



Digital Signal and Image Processing
05.02 The inverse Z-Transform

Computer Engineering
University of Trieste

where the constants γi (which are no longer called residues) are computed with the formula:

γi =
1

(L− i)!(−ν)L−i

dL−i

d(z−1)L−i

[
(1− νz−1)LG(z)

] ∣∣∣
z=ν

,

for 1 ≤ i ≤ L.

Thus, the computation of γi requires eliminating the factor (1 − νz−1)L from the denominator of G(z)

and computing the derivatives with respect to z−1 from the first to the (L − 1)-th. The values of these

derivatives and of (1 − νz−1)LG(z) computed for z = ν provide the γi values. The other residues are

computed as before. Eventually, from the tables reported in many books, it is easy to find the inverse

transform of
γi

(1− νz−1)i
.

Inverse Z-Transform via long division method.

Another method for computing the inverse of a causal Z-Transform is the long division.

The objective is to obtain the expansion of G(z) in the form of a power series in z−1. If we possess such

a series, we immediately know the inverse transform. Indeed, the coefficient that multiplies z−n is the

term g(n) of the inverse transform.

If G(z) is rational, we can express the numerator and denominator as polynomial in z−1. Then, we can

derive the power series expansion by means of the (long) division of the numerator by the denomina-

tor. The division of polynomials applies the same methodology as the divisions you have studied in

elementary school:

(How many times does 1 go into 1? 1. Thus we subtract from 1+0.2z−1 the polynomial 1 · (1+0.4z−1−
0.12z−2) and we get the remainder 1.6z−1 + 0.12z−2. How many times does 1 go into 1.6z−1? 1.6z−1.

Thus, we subtract from 1.6z−1 + 0.12z−2 the polynomial 1.6z−1 · (1 + 0.4z−1 − 0.12z−2) and get the

remainder −0.52z−2 + 0.192z−3. How many times does 1 go into −0.52z−2? −0.52z−2. And so on.)

Thus the sequence g(n) is :

The division between polynomials is also used in the case of the partial fraction expansion for passing

from an improper G(z) to an expression composed by a polynomial in z−1 (which has a trivial inverse)

plus a proper rational function.
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For example, consider:

G(z) =
2 + 0.8z−1 + 0.5z−2 + 0.3z−3

1 + 0.8z−1 + 0.2z−2
.

We must divide the two polynomials till we get a remainder of degree lower than the denominator.

Since we only want to reduce the order in z−1 of the numerator, in this case, we apply the same division

method we have seen but, compared with the long division, we must reverse the order of the two

polynomials:

(Note that (1.5z−1 − 3.5) · (0.2z−2 + 0.8z−1 + 1) + (2.1z−1 + 5.5) = 0.3z−3 + 0.5z−2 + 0.8z−1 + 2).

Thus,

G(z) = −3.5 + 1.5z−1 +
5.5 + 2.1z−1

1 + 0.8z−1 + 0.2z−2
,

and we have

g(n) = −3.5δ(n) + 1.5δ(n− 1) + ρ1λ
n
1µ(n) + ρ2λ

n
2µ(n),

with λ1 and λ2 the roots of 1 + 0.8z−1 + 0.2z−2, and ρ1 and ρ2 the corresponding residues.

05.03 Properties of the Z-Transform

Also the Z-Transform has important properties. In the following we will consider

g(n)
Z←→ G(z) with ROC Rg

h(n)
Z←→ H(z) with ROC Rh

where Rg is the annular region Rg− < |z| < Rg+, and Rh is the annular region Rh− < |z| < Rh+.

Conjugation theorem

The Z-Transform of g∗(n) is G∗(z∗) with ROC Rg.

Proof:

Z {g∗(n)} =
+∞∑

n=−∞
g∗(n)z−n =

=

[
+∞∑

n=−∞
g(n)(z∗)−n

]∗
= G∗(z∗).

Moreover, since |z∗| = |z|, G∗(z∗) converges for all the z values for which G(z) converges.

Q.E.D.

© 2024 Alberto Carini 71/600



Digital Signal and Image Processing
05.03 Properties of the Z-Transform

Computer Engineering
University of Trieste

Time-reversal

The Z-Transform of x(n) = g(−n) is X(z) = G(1/z) with ROC: R−1
g+ < |z| < R−1

g−.

Proof:
+∞∑

n=−∞
g(−n)z−n =

+∞∑
m=−∞

g(m)zm =

=

+∞∑
m=−∞

g(m)
(
z−1

)−m
= G(1/z).

X(z) = G(1/z) converges for all z for which 1/z belongs to the ROC of G(z). Thus, for all z for which

1

Rg+
< |z| < 1

Rg−
.

Q.E.D.

Linearity

The Z-Transform of the sequence αg(n) + βh(n) is αG(z) + βH(z), with region of convergence that is

the intersection between the two ROCs Rg and Rh, i.e., Rg ∩Rh.

(If the two regions of convergence do not overlap the Z-Transform of αg(n) + βh(n) does not exist!)

Exercise:

Let us compute the Z-Transform of

x(n) = rn cos(ω0n)µ(n),

r ∈ R.

Note that

x(n) = rn
ejω0n + e−jω0n

2
µ(n) =

=
1

2
rnejω0nµ(n) +

1

2
rne−jω0nµ(n).

Since αnµ(n) has Z-Transform
1

1− αz−1
with ROC |z| > α,

X(z) =
1/2

1− rejω0z−1
+

1/2

1− re−jω0z−1
=

=
1

2

1− re−jω0z−1 + 1− rejω0z−1

(1− rejω0z−1) · (1− re−jω0z−1)
=

=
1− r cos(ω0)z

−1

1− rejω0z−1 − re−jω0z−1 + r2z−2
=

=
1− r cos(ω0)z

−1

1− 2r cos(ω0)z−1 + r2z−2

with ROC |z| > r.

Time-shifting
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The Z-Transform of the delayed sequence x(n) = g(n − n0) (with n0 integer) is X(z) = z−n0G(z). The

region of convergence of X(z) is the same as G(z) apart from z = 0 for n0 > 0 or z = ∞ for n0 < 0

(because z−n0 adds |n0| poles in z = 0 or z =∞).

Proof:
+∞∑

n=−∞
g(n− n0)z

−n =

+∞∑
m=−∞

g(m)z−(m+n0) =

=

+∞∑
m=−∞

g(m)z−m · z−n0 = G(z)z−n0 .

Q.E.D.

Multiplication for an exponential sequence

The Z-Transform of the sequence x(n) = αng(n) is X(Z) = G
( z
α

)
. The region of convergence is

|α|Rg.

Proof:
+∞∑

n=−∞
αng(n)z−n =

+∞∑
n=−∞

g(n)
( z
α

)n
= G

( z
α

)
.

X(z) = G
(
z
α

)
converges for any value z for which z

α ∈ Rg and thus when

Rg−|α| < |z| < Rg+|α|.

Q.E.D.

Convolution Theorem

The Z-Transform of the convolution sum between two sequences g(n)⊛h(n) is G(z) ·H(z) with a region

of convergence that is the intersection between the ROCs of G(z) and H(z), i.e., Rg ∩Rh.

Proof:

X(z) =

+∞∑
n=−∞

x(n)z−n =

=

+∞∑
n=−∞

+∞∑
k=−∞

g(k)h(n− k)z−n =

=

+∞∑
k=−∞

g(k)

+∞∑
n=−∞

h(n− k)z−n =

=

+∞∑
k=−∞

g(k)

+∞∑
m=−∞

h(m)z−(m+k) =

=

+∞∑
k=−∞

g(k)z−kH(z) = G(z)H(z).

Moreover, X(z) converges for any value z for which
+∞∑

m=−∞
h(m)z−m and

+∞∑
k=−∞

g(k)z−k converge. Thus,

the ROC of X(z) is Rg ∩Rh.

Q.E.D.
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05.04 The Transfer Function

The convolution theorem leads to the concept of Transfer Function of an LTI system.

Let us consider an LTI system with impulse response h(n). The input-output relation of the system is

y(n) = h(n)⊛ x(n) =

+∞∑
k=−∞

h(k)x(n− k)

with x(n) and y(n) the input and output of the LTI system, respectively.

Let us indicate with X(z), Y (z), and H(z) the Z-transform of x(n), y(n), and h(n), respectively. Accord-

ing to the convolution theorem, the input-output relation in the Z-Transform domain becomes:

Y (z) = H(z)X(z),

with H(z) =

+∞∑
n=−∞

h(n)z−n.

The Z-Transform of the impulse response, H(z), is commonly called Transfer Function. Similar to the

impulse response, it completely characterizes the LTI system.

H(z) =
Y (z)

X(z)
,

H(z) is given by the ratio between the Z-Transform of y(n) and x(n).

The transfer function can be seen as a generalization of the frequency response concept. If the region

of convergence of H(z) comprises the unit circle:

H(ejω) = H(z)
∣∣∣
z=ejω

.

Thus, the frequency response can be obtained by evaluating the transfer function on the unit circle.

The transfer function can be obtained from the frequency response by analytic continuation:

H(z) = H(ejω)
∣∣∣
ω= 1

j ln(z)
.

We are particularly interested in two types of discrete-time LTI systems:

• FIR filters,

• IIR filters (described by a finite difference equation).
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FIR filters

FIR filters have a finite impulse response:

y(n) =

N2∑
m=−N1

h(m)x(n−m)

with h(n) = 0 ∀n < N1, and ∀n > N2.

h(n) has length N1 +N2 + 1.

H(z) =

N2∑
n=N1

h(n)z−n =

= h(−N1)z
+N1 + h(−N1 + 1)z+N1−1 + . . .+ h(0) + h(1)z−1 + . . .+ h(N2 − 1)z−N2+1 + h(N2)z

−N2 .

Properties of FIR filters

• The region of convergence of H(z) coincides with the entire complex plane, possibly excluding 0

and∞.

• FIR filters are guaranteed to be stable in the BIBO sense:

+∞∑
n=−∞

|h(n)| =
N2∑

n=−N1

|h(n)| < +∞.

• FIR filters are always realizable. Even if the impulse response has non-null terms for n < 0,

introducing a delay z−N1 ensures realizability.

• For causal filters, the transfer function is given by:

H(z) = h(0) + h(1)z−1 + h(2)z−2 + . . .+ h(N − 1)zN−1.

Thus, the transfer function is a polynomial in z−1, earning them the name filters with only zeros.

• Since the input-output relation is non-recursive, quantization errors propagate only from the input

to the output in FIR filters.

• We will prove that FIR filters can have linear phase response.

IIR filters

The IIR filters we are interested in are described by a finite difference equation:

y(n) = b0x(n) + b1x(n− 1) + . . .+ bMx(n−M)− a1y(n− 1)− a2y(n− 2)− . . .− aNx(n−N).

For these filters, it is easy to compute the transfer function using the linearity property and the time-shift

property of the Z-Transform. By transforming both members:

Y (z) = b0X(z)+b1z
−1X(z)+b2z

−2X(z)+. . . bMz−MX(z)−a1z−1Y (z)−a2z−2Y (z)−. . .−aNz−NY (z),
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1 + a1z
−1 + a2z

−2 + . . .+ aNz−N
)
Y (z) =

(
b0 + b1z

−1 + . . .+ bMz−M
)
X(z)

Thus,

H(z) =
Y (z)

X(z)
=

b0 + b1z
−1 + . . .+ bMz−M

1 + a1z−1 + a2z−2 + . . .+ aNz−N
.

The transfer function is a rational function in z−1. It is also:

H(z) = zM−N · b0z
M + b1z

M−1 + . . .+ bM
zN + a1zN−1 + . . .+ aN

.

The roots of the numerator polynomial are called zeros of the system. The roots of the denominator

polynomial are called poles. The denominator polynomial is also called the characteristic polynomial.

Properties of IIR filters

• IIR filters or systems can be stable or unstable in BIBO sense. They are stable if and only if

+∞∑
n=−∞

|h(n)| < +∞.

IIR systems are stable if and only if the region of convergence of the transfer function includes the

unit circle. Indeed,

|H(z)| =

∣∣∣∣∣
+∞∑

n=−∞
h(n)z−n

∣∣∣∣∣ ≤
+∞∑

n=−∞

∣∣h(n)z−n
∣∣ = +∞∑

n=−∞
|h(n)||z−n|

On the unit circle |z−n| = 1:

|H(z)|
∣∣∣
z=ejω

= |H(ejω)| ≤
+∞∑

n=−∞
|h(n)|.

Thus, if this sum is finite, |H(z)|
∣∣∣
z=ejω

is finite, and the transfer function converges on the unit

circle. Conversely, if H(z) converges for z = ejω, then
+∞∑
n=∞

|h(n)| is finite, and the filter is stable.

• A causal IIR filter is stable if and only if its poles fall within the unit circle.

Indeed, in case h(n) is causal, the region of convergence of H(z) is external to the circle that

encloses all poles. Since for the BIBO stability, the unit circle must belong to the region of conver-

gence, then the poles must all fall within the unit circle.

We can justify this property also from the observation that (in the partial fraction expansion) to any

pole outside the unit circle corresponds an exponentially increasing sequence:

H(z) =
1

1− pz−1
−→ h(n) = pnµ(n),

if |p| > 1 then h(n)→ +∞.

• The input-output relationship of these filters is always recursive. For this reason, we will see that

the quantization errors recirculate.

• We will also see that in causal IIR filters the phase response cannot be linear and that these filters

introduce a phase distortion.
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Despite these adverse properties, IIR filters adapt better than FIR filters to the realization of the speci-

fications imposed on low-pass, high-pass, and pass-band filters. IIR filters can implement these spec-

ifications with a much lower number of coefficients than FIR filters. This property derives from the fact

that the transfer function of IIR filters has zeros and poles, while that of FIR filters has only zeros. We

will return to these filters later in our course.

For more information study:
S. K. Mitra, ”Digital Signal Processing: a computer based approach,” 4th edition, McGraw-Hill, 2011

Chapters 6.1-6.4, pp. 277-297

Chapter 6.5, pp. 297-303

Chapter 6.7, pp. 308-311 and pp. 315-319
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06 The Discrete Fourier Transform

06.01 Definition of the Discrete Fourier Transform (DFT)

We have discussed the discrete-time Fourier transform, which enables the transition from the time

domain to the frequency domain. The primary drawback of the DTFT is that its inverse transform

necessitates the evaluation of an integral, making it unsuitable for computer implementation.

In contrast, the direct discrete-time Fourier transform does not require integral evaluation but involves

only the computation of multiplications and additions. This is because the DTFT is a periodic function in

ω and can be expanded in the Fourier series as the sum of an infinite number of generalized sinusoids,

represented by e−jωn.

Now, we will consider another transform applicable to periodic sequences (and later, as we will see,

to finite-duration sequences) – the Discrete Fourier Transform (DFT). Due to the periodicity of the se-

quences being transformed, both the direct DFT transform and the inverse DFT (IDFT) transform only

require the sum of complex numbers and do not involve any integration. Therefore, they are suitable for

computer implementation.

Considering a periodic sequence xp(n) with a period of N (where xp(n) = xp(n+N) for all n), we define

the Discrete Fourier Transform (DFT) of xp(n) as follows

Xp(k) =

N−1∑
n=0

xp(n)e
−j 2π

N nk.

It is easy to verify that XP (k) is a complex periodic sequence with a period of N :

Xp(k) = Xp(k +N) ∀k.

The Inverse Discrete Fourier Transform (IDFT) is expressed as:

xp(n) =
1

N

N−1∑
k=0

Xp(k)e
j 2π

N nk.

Let’s demonstrate that these relations can be derived from one another, indicating that they are recip-

rocal transforms.

We take the expression of the IDFT and multiply it by e−j 2π
N nl:

xp(n) e
−j 2π

N nl =
1

N

N−1∑
k=0

Xp(k)e
j 2π

N nk e−j 2π
N nl

N−1∑
n=0

xp(n)e
−j 2π

N nl =

N−1∑
n=0

1

N

N−1∑
k=0

Xp(k)e
j 2π

N nk e−j 2π
N nl =

=

N−1∑
k=0

Xp(k)
1

N

N−1∑
n=0

ej
2π
N n(k−l)
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For k = l:
1

N

N−1∑
n=0

ej
2π
N n(k−l) =

1

N

N−1∑
n=0

1 = 1

For k ̸= l:

1

N

N−1∑
n=0

ej
2π
N n(k−l) =

1

N

1− ej
2π
N N(k−l)

1− ej
2π
N (k−l)

= 0.

Thus, for all k and l (with 0 ≤ k ≤ N − 1 and 0 ≤ l ≤ N − 1):

1

N

N−1∑
n=0

ej
2π
N n(k−l) = δ(k − l).

Substituting this expression into the preceding equation:

N−1∑
n=0

xp(n)e
−j 2π

N nl =

N−1∑
k=0

Xp(k)
1

N

N−1∑
n=0

ej
2π
N n(k−l) =

N−1∑
k=0

Xp(k)δ(k − l) = Xp(l)

Q.E.D.

Hence, the two transformations are reciprocal. Using the DFT, we can pass from the time domain to the

frequency domain, achieving a completely equivalent representation of our sequence.

Considering only periodic sequences may seem like a severe restriction. However, in reality, the Dis-

crete Fourier Transform (DFT) is commonly applied to finite-length sequences. Any finite-length se-

quence of length N can be transformed into a periodic sequence with a period of N by periodically

repeating its samples. For any causal finite-length sequence x(n) satisfying

x(n) = 0 ∀n < 0 and n ≥ N

we can associate the periodic sequence:

xp(n) = x(⟨n⟩N )

where ⟨n⟩N indicates the n modulus N (i.e., the remainder of the division of n by N ). There exists a

bijective correspondence between finite-length sequences of length N and periodic sequences with a

period of N . Consequently, we can also apply the DFT to finite-length sequences.

06.02 The relation between DFT, DTFT, and Z Transform

A finite-length sequence of length N has Z-transform given by

X(z) =

N−1∑
n=0

x(n)z−n.

Let’s compute this transform at N uniformly spaced points on the unit circle:
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X(z)
∣∣∣
z=ej

2π
N

k
=

N−1∑
n=0

x(n)e−j 2π
N nk = Xp(k)

Thus, we find the DFT of x(n).

For finite-length sequences, the DFT can be obtained by evaluating the Z-Transform at N uniformly

spaced points on the unit circle, i.e., for

z = ej
2π
N k, with k = 0, 1, . . . , N − 1.

As the DTFT coincides with the Z-Transform evaluated on the unit circle, the DFT can be obtained by

sampling the DTFT at N points uniformly spaced on the interval [0, 2π]:

Xp(k) = X(ejω)
∣∣∣
ω= 2π

N k
.

When dealing with finite-length sequences, it is also possible to express the Z-Transform (and the DTFT)

in terms of the samples of the DFT:

X(z) =

N−1∑
n=0

x(n)z−n =

=

N−1∑
n=0

(
1

N

N−1∑
k=0

Xp(k)e
j 2π

N nk

)
z−n =

=

N−1∑
k=0

Xp(k)

N

N−1∑
n=0

ej
2π
N nkz−n =

=

N−1∑
k=0

Xp(k)

N

1− z−N

1− ej
2π
N kz−1

This is the interpolation formula of Lagrange. A similar relation also holds for the DTFT.

Thus, we observe that for finite-length sequences, the representations through DTFT, Z-Transform, and

DFT are equivalent and interchangeable. The DFT serves as a straightforward means for assessing the

spectral content of a sequence, making it well-suited for computer implementation.

For a sequence x(n) of length N , a more detailed evaluation of the spectrum X(ejω) can be achieved

by employing a DFT on L samples, where L > N . In other words, it suffices to periodically extend

the sequence x(n) with a period L > N and then apply the DFT to this extended periodic sequence.
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This property proves valuable when considering fast convolution algorithms, which apply the DFT to

finite-length sequences of L samples, where L is a power of 2, i.e., L = 2k.

What happens when we consider an infinite-length sequence x(n) with a DTFT and we sample its DTFT

at N uniformly spaced points on the unit circle, and then invert these samples using the IDFT?

Remember that, when we sample a continuous-time signal at uniformly spaced intervals, in the fre-

quency domain, we obtain the periodic repetition of the continuous-time spectrum, leading to the prob-

lem of aliasing. The coefficients of the DFT can be considered as samples of a continuous function in

ω, representing the DTFT X(ejω).

This frequency-domain sampling operation results in the periodic repetition of the signal x(n) in the time

domain, leading to aliasing in the time domain if x(n) has infinite length.

Let’s consider X(ejω) and take N uniformly spaced samples in the interval [0, 2π]. We interpret these

samples as the samples of the DFT:

Xp(k) = X(ejω)
∣∣∣
ω= 2π

N k
with 0 ≤ k ≤ N − 1

=

+∞∑
n=−∞

x(n)e−j 2π
N nk.

Let’s apply the IDFT:

xp(n) =
1

N

N−1∑
k=0

Xp(k)e
j 2π

N kn =

=
1

N

N−1∑
k=0

+∞∑
m=−∞

x(m)e−j 2π
N mkej

2π
N kn =

=

+∞∑
m=−∞

x(m)
1

N

N−1∑
k=0

e−j 2π
N (m−n)k

We know that:
1

N

N−1∑
k=0

e−j 2π
N (m−n)k =

{
1 when m− n = lN, with l ∈ Z
0 otherwise

=

+∞∑
l=−∞

δ(n−m− lN).

Hence,

xp(n) =

+∞∑
m=−∞

x(m)

+∞∑
l=−∞

δ(n−m− lN) =

=

+∞∑
l=−∞

+∞∑
m=−∞

x(m)δ(n−m− lN) =

=

+∞∑
l=−∞

x(n− lN).

The signal xp(n) is obtained as the sum of the signal x(n) and its periodic repetitions, each time-shifted

by a multiple of N . If the length of the signal x(n) exceeds N , xp(n) is subject to aliasing errors in the

time domain. Only signals x(n) with a length less than or equal to N remain unaffected by aliasing.
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DFT in matrix form

The DFT can be represented in matrix form through the following relation:

X = DN · x.

Here, X is a column vector consisting of the first N samples of the DFT Xp(k), and x is a column vector

composed of the first N samples of xp(n).

X =


Xp(0)

Xp(1)
...

Xp(N − 1)

 x =


xp(0)

xp(1)
...

xp(N − 1)


The matrix DN , known as the DFT matrix, is defined as follows:

DN =



1 1 1 1 . . . 1

1 W 1
N W 2

N W 3
N . . . WN−1

N

1 W 2
N W 4

N W 6
N . . . W

2(N−1)
N

...
...

...
...

...

1 WN−1
N W

2(N−1)
N W

3(N−1)
N . . . W

(N−1)2

N


where Wn = e−j 2π

N .

The validity of this relation can be easily confirmed using the definition of the DFT:

X(k) =

N−1∑
n=0

x(n)e−j 2π
N nk =

N−1∑
n=0

x(n)Wnk
N .

Similarly, the IDFT can be expressed as:

x = D−1
N ·X

where the expression for the IDFT matrix D−1
N is given by

D−1
N =

1

N



1 1 1 1 . . . 1

1 W−1
N W−2

N W−3
N . . . W

−(N−1)
N

1 W−2
N W−4

N W−6
N . . . W

−2(N−1)
N

...
...

...
...

...

1 W
−(N−1)
N W

−2(N−1)
N W

−3(N−1)
N . . . W

−(N−1)2

N


.

It can be verified that D−1
N = 1

ND∗
N .

06.03 Properties of the DFT

Linearity

© 2024 Alberto Carini 82/600



Digital Signal and Image Processing
06.03 Properties of the DFT

Computer Engineering
University of Trieste

If x1(n)
DFT←→ X1(k) and x2(n)

DFT←→ X2(k), then

a1x1(n) + a2x2(n)
DFT←→ a1X1(k) + a2X2(k).

Circular time-shift

If xp(n)
DFT←→ Xp(k) then, for n0 ∈ Z,

xp(n− n0)
DFT←→ Xp(k)e

−j 2π
N n0k.

Proof:

DFT[xp(n− n0)] =

N−1∑
n=0

xp(n− n0)e
−j 2π

N nk =

(consider m = n− n0)

=

N−1−n0∑
m=−n0

xp(m)e−j 2π
N mke−j 2π

N n0k =

=

−1∑
m=−n0

xp(m)e−j 2π
N mke−j 2π

N n0k +

N−1−n0∑
m=0

xp(m)e−j 2π
N mke−j 2π

N n0k =

=

N−1∑
m=N−n0

xp(m)e−j 2π
N mke−j 2π

N n0k +

N−1−n0∑
m=0

xp(m)e−j 2π
N mke−j 2π

N n0k =

(because e−j 2π
N mk = e−j 2π

N (m+N)k and xp(m) = xp(m+N))

=

N−1∑
m=0

xp(m)e−j 2π
N mke−j 2π

N n0k =

= Xp(k)e
−j 2π

N n0k

Q.E.D.

Note the distinction from the case of the discrete-time Fourier transform: xp(n) represents a periodic

sequence or the periodic repetition of a finite-length sequence.

When considering the window from time 0 to N − 1, it becomes apparent that the samples that ’exit’

from one side ’enter’ from the other side. For this reason we talk about a circular time-shift.

If ⟨m⟩N denotes the modulus of m with respect to N , and xp(n) represents the periodic repetition of a

finite-length sequence x(n), then we have:

xp(n− n0) = xp(⟨n− n0⟩N ) = x(⟨n− n0⟩N ).
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xp(⟨n− n0⟩N )
DFT←→ Xp(k)e

−j 2π
N n0k.

Circular frequency shift

If xp(n)
DFT←→ Xp(k) then, for k0 ∈ Z,

xp(n)e
j 2π

N nk0
DFT←→ Xp(k − k0) = Xp(⟨k − k0⟩N ).

Proof:

N−1∑
n=0

xp(n)e
j 2π

N nk0e−j 2π
N nk =

N−1∑
n=0

xp(n)e
−j 2π

N n(k−k0) = Xp(k − k0)

Conjugation

If xp(n)
DFT←→ Xp(k) then

x∗
p(n)

DFT←→ X∗
p (−k) = X∗

p (⟨−k⟩N ).

Proof:

N−1∑
n=0

x∗
p(n)e

−j 2π
N nk =

[
N−1∑
n=0

xp(n)e
j 2π

N nk

]∗
=

[
N−1∑
n=0

xp(n)e
−j 2π

N n(−k)

]∗
= [Xp(−k)]∗.

If xp(n) is real, then x∗
p(n) = xp(n) and

Xp(k) = X∗
p (−k) = X∗

p (⟨−k⟩N ) = X∗
p (⟨N − k⟩N ) = X∗

p (N − k).

We term the DFT of a real sequence xp(n) as circular conjugate-symmetric.

If xp(n) is real, then:

Re{Xp(k)} = Re{Xp(N − k)}, i.e., it is circular symmetric;

Im{Xp(k)} = −Im{Xp(N − k)}, i.e., it is circular anti-symmetric;

|Xp(k)| = |Xp(N − k)|, i.e., it is circular symmetric;

arg{Xp(k)} = −arg{Xp(N − k)}, i.e., it is circular anti-symmetric.
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If xp(n) is real and symmetric, i.e., if xp(n) = xp(−n) = xp(⟨−n⟩N ) = xp(N −n), then Xp(k) is also real

and symmetric.

Proof:

Xp(k) = DFT{xp(n)} =
N−1∑
n=0

xp(n)e
−j 2π

N nk

DFT{xp(N − n)} =
N−1∑
n=0

xp(N − n)e−j 2π
N nk =

(Consider m = N − n, i.e., n = N −m)

=

N∑
m=1

xp(m)e−j 2π
N (N−m)k =

(since xp(N) = xp(0) and e−j 2π
N (N−N) = e−j 2π

N (N−0) = 1)

=

N−1∑
m=0

xp(m)e−j 2π
N (N−m)k =

=

N−1∑
m=0

xp(m)ej
2π
N mk = X∗

p (k)

DFT
{
1

2
[xp(n) + xp(N − n)]

}
= DFT {xp(n)} =

=

N−1∑
m=0

xp(m)
ej

2π
N mk + e−j 2π

N mk

2
=

=

N−1∑
m=0

xp(m)cos
[
2π

N
mk

]
∈ R

Q.E.D.

If xp(n) is real and anti-symmetric, i.e., if xp(n) = −xp(−n) = −xp(⟨−n⟩N ) = −xp(N − n), then Xp(k)

is imaginary and anti-symmetric.

In general, the DFT transforms complex sequences into complex sequences. However, we can effi-

ciently use a single DFT transformation to compute the DFT of two real sequences.

Consider two real sequences, x(n) and y(n),

x(n)
DFT←→ X(k)

y(n)
DFT←→ Y (k)

Now, let’s form the sequence

z(n) = x(n) + jy(n).

By leveraging the linearity property of the DFT:

Z(k) = X(k) + jY (k)

© 2024 Alberto Carini 85/600



Digital Signal and Image Processing
06.03 Properties of the DFT

Computer Engineering
University of Trieste

Z∗(N − k) = X∗(N − k)− jY ∗(N − k)

Given that x(n) and y(n) are real sequences:

X∗(N − k) = X(k)

Y ∗(N − k) = Y (k)

Z∗(N − k) = X(k)− jY (k)

Consequently, we obtain the following expressions:

X(k) =
Z(k) + Z∗(N − k)

2

Y (k) =
Z(k)− Z∗(N − k)

2j

Re{X(k)} = Re{Z(k)}+ Re{Z(N − k)}
2

Im{X(k)} = Im{Z(k)} − Im{Z(N − k)}
2

Re{Y (k)} = Im{Z(k)}+ Im{Z(N − k)}
2

Im{Y (k)} = −Re{Z(k)}+ Re{Z(N − k)}
2

Parseval Theorem

N−1∑
n=0

|g(n)|2 =
1

N

N−1∑
k=0

|G(k)|2

Given a finite length sequence g(n) of length N , we can evaluate its energy from the DFT G(k).

Proof:

N−1∑
n=0

|g(n)|2 =

N−1∑
n=0

g(n)g∗(n) =

=

N−1∑
n=0

g(n)
1

N

N−1∑
k=0

G∗(k)e−j 2π
N nk =

=
1

N

N−1∑
k=0

G∗(k)

N−1∑
n=0

g(n)e−j 2π
N nk =

=
1

N

N−1∑
k=0

|G(k)|2.

Q.E.D.
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06.04 The Fast Fourier Transform (FFT)

The Fast Fourier Transform (FFT) algorithms are efficient methods for computing the Discrete Fourier

Transform (DFT). In particular, we will explore the original algorithms proposed by Cooley and Tukey in

1965, which specifically address sequences of length N = 2L, i.e., of a power of 2 length.

The fundamental strategy of the FFT lies in computing the Discrete Fourier Transform (DFT) of a se-

quence by leveraging the DFTs of some reduced-length sequences.

The computation of X(k) =

N−1∑
k=0

x(n)e−j 2π
N nk requires N complex multiplications and N − 1 complex

additions. If we aim to compute the values of X(k) for k = 0, 1, . . . , N − 1, the overall computational

cost includes:

• N2 complex multiplications,

• N(N − 1) complex additions.

But if we break the computation of the length N DFT into the computation of two DFTs of length N/2,

we have a total of

• 2 ·
(
N

2

)2

complex multiplications,

• 2 ·
(
N

2

)
·
(
N

2
− 1

)
complex additions.

Thus, we halve the operations.

Considering N = 2L, the sequence of length N/2 can itself be split into two sequences, and each of

these sequences can further be split into two, and so on, until we have sequences of only two samples.

In the following, we denote WN = e−j 2π
N , such that

X(k) =

N−1∑
n=0

x(n)Wnk
N .

We will consider two algorithms:

• Decimation-in-time FFT.

• Decimation in frequency FFT.
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Decimation-in-time FFT

This algorithm is derived by splitting the sequence x(n) into two subsequences:

• The sequence of elements with even indices, denoted as x1(n) = x(2n), where n = 0, 1, . . . , N
2 −1.

• The sequence of elements with odd indices, denoted as x2(n) = x(2n+1), where n = 0, 1, . . . , N
2 −

1.

We have,

X(k) =

N−1∑
m=0

x(m)Wmk
N =

=

N/2−1∑
n=0

x(2n)W 2nk
N +

N/2−1∑
n=0

x(2n+ 1)W
(2n+1)k
N =

=

N/2−1∑
n=0

x1(n)W
2nk
N +

N/2−1∑
n=0

x2(n)W
(2n+1)k
N

Since W 2nk
N = e−j 2π

N 2nk = e
−j 2π

N
2

nk
= Wnk

N
2

it is

X(k) =

N/2−1∑
n=0

x1(n)W
nk
N
2

+W k
N

N/2−1∑
n=0

x2(n)W
nk
N
2

But
N/2−1∑
n=0

x1(n)W
nk
N
2

and
N/2−1∑
n=0

x2(n)W
nk
N
2

represent the DFTs computed on N
2 samples of x1(n) and

x2(n), respectively. Thus,

X(k) = X1(k) +W k
NX2(k).

The DFT X(k) is the sum of two DFTs of length N
2 , where the second DFT is multiplied by W k

N . Note

that X1(k) and X2(k) are periodic sequences of period N
2 . Thus, if we consider 0 ≤ k ≤ N

2 − 1,

X(k) = X1(k) +W k
NX2(k),

X(k +
N

2
) = X1(k +

N

2
) +W

(k+N
2 )

N X2(k +
N

2
) =

= X1(k) +W
(k+N

2 )

N X2(k).

W
(k+N

2 )

N = ej
2π
N (k+N

2 ) = ej
2π
N k · ej 2π

N ·N2 = −W k
N

X(k +
N

2
) = X1(k)−W k

NX2(k).

To summarize, the DFT of N samples can be computed using two DFTs on N
2 samples with the following

equations:

X(k) = X1(k) +W k
NX2(k),

X(k +
N

2
) = X1(k)−W k

NX2(k),

where k = 0, 1, . . . , N
2 − 1.
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These operations form the fundamental steps of the FFT, and they are visually represented through the

following butterfly diagram:

For an 8-sample DFT, the following operations take place:

Now, the N
2 -sample length sequences can be further divided into sequences of N

4 samples, and so on,

until we have sequences with only two samples.
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We use the term ’decimation in time’ for this algorithm because the length-N sequence is successively

decimated into sequences of length N
2 , N

4 , N
8 , . . ., 2.

The 2 samples DFT can be computed with a single butterfly. Indeed, given the sequence of two samples

{a0, a1},

A(k) =

1∑
n=0

a(n)Wnk
2 =

1∑
n=0

a(n)e−j 2π
2 nk = a(0) + e−jπka(1)

A(0) = a(0) + a(1) = a(0) +W 0
2 a(1)

A(1) = a(0)− a(1) = a(0)−W 0
2 a(1)

Eventually, the computation of the 8-sample DFT involves the following operations:
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To compute a DFT of length N (where N is a power of 2), we have log2(N) butterfly stages, each com-

posed of N
2 butterflies. Consequently, each stage involves N

2 complex multiplications and N complex

additions/subtractions (neglecting the zero cost of multiplications by W 0
N ). In total, the FFT computation

requires:

•
N

2
log2(N) complex multiplications,

• N log2(N) complex additions.

When compared to the direct computation of the DFT, even for small N , this method yields significant

computational savings.

Computational cost of the FFT

N 4 8 16 32 64 128 256 512 1.024

FFT × 4 12 32 80 192 448 1.024 2.392 5.120

+ 8 24 64 160 384 896 2.048 4.696 10.240

DFT × 12 72 240 992 4.032 16.256 65.280 261.632 1.047.532

+ 16 64 256 1.024 4.096 16.384 65.536 262.144 1.048.576

Take note of the specific sample order at the input of the FFT. By decimating the sequence x(n) log2(N)

times, we obtain a permuted sequence that serves as the input for the decimation-in-time FFT. For an
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Figure 06.01: Decimation-in-time FFT
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8-sample FFT, starting with

x(0), x(1), x(2), x(3), x(4), x(5), x(6), x(7)

we rearrange it to:

x(0), x(4), x(2), x(6), x(1), x(5), x(3), x(7).

The permuted sequence can be easily constructed using the bit-reversal rule.

Let’s denote the permuted sequence, which serves as the input of the FFT, as y(n). Here, y(n) =

x(m), where the index m is obtained by representing n in binary form and inverting the bits of the

representation:

0 000 −→ 000 0

1 001 −→ 100 4

2 010 −→ 010 2

3 011 −→ 110 6

4 100 −→ 001 1

5 101 −→ 101 5

6 110 −→ 011 3

7 111 −→ 111 7

Applying the decimation-in-time FFT algorithm to the sequence permuted according to the bit-reversal

rule, we obtain the DFT samples in their natural order.

Decimation-in-frequency FFT

It is the dual algorithm to the decimation-in-time FFT.

It can be obtained by splitting the sequence x(n) into two adjacent sequences:

• x1(n) = x(n) with n = 0, 1, . . . , N
2 − 1,

• x2(n) = x(n+ N
2 ) with n = 0, 1, . . . , N

2 − 1.

X(k) =

N−1∑
n=0

x(n)Wnk
N =

N/2−1∑
n=0

x(n)Wnk
N +

N−1∑
m=N/2

x(m)Wmk
N =

(considering m = n+ N
2 in the second summation)

=

N/2−1∑
n=0

x1(n)W
nk
N +

N/2−1∑
n=0

x2(n)W
(n+N

2 )k
N =

=

N/2−1∑
n=0

[
x1(n) +W

N
2 k

N x2(n)
]
Wnk

N

But W
N
2 k

N = e−j 2π
N

N
2 k = e−jπk. Thus, we consider two cases: when k is even and when k is odd.

For k even:

X(2k) =

N/2−1∑
n=0

[x1(n) + x2(n)]W
n2k
N =
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=

N/2−1∑
n=0

[x1(n) + x2(n)]W
nk
N
2

The even terms of X(k) are determined by the N
2 points DFT of x1(n) + x2(n).

For k odd:

X(2k + 1) =

N/2−1∑
n=0

[x1(n)− x2(n)]W
n(2k+1)
N =

=

N/2−1∑
n=0

[x1(n)− x2(n)]W
n
NWnk

N
2

The odd terms of X(k) are determined by the N
2 points DFT of (x1(n)− x2(n)) ·Wn

N .

Thus, the procedure for computing the N -sample DFT consists of constructing two sequences of N
2

samples:

f(n) = x1(n) + x2(n)

g(n) = (x1(n)− x2(n))W
n
N

with n = 0, 1, . . . , N/2 − 1, and then computing their N
2 samples DFT. The DFT of f(n) provides the

even terms of X(k), and the DFT of g(n) provides the odd terms of X(k).

The procedure can be repeated to transition from the N
2 -sample DFT to the N

4 -sample DFT, and so on,

until reaching DFTs of only 2 samples, which can be computed directly.

Again, the fundamental operations of the FFT can be illustrated using a butterfly diagram, albeit different

from the previous one:

For an 8-samples DFT, we obtain the following scheme
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In this case, while the input sequence follows the natural order, the FFT output samples are ordered

according to the bit-reversal rule.

This is called the decimation-in-frequency algorithm because it involves decimating the DFT into se-

quences of odd and even terms.

The computational cost of this algorithm is identical to that of the decimation-in-time algorithm.

IDFT computed with the FFT

If we compare the expression of the IDFT with that of the DFT:

x(n) =
1

N

N−1∑
k=0

X(k)W−nk
N ,

X(k) =

N−1∑
n=0

x(n)Wnk,
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we observe that, apart from the constant factor 1
N , the expressions of the direct transform and the

inverse transform are almost identical. The fast algorithms for computing the DFT can also be applied for

computing the IDFT, with the only modification being to replace W2,W4, . . . ,WN with W−1
2 ,W−1

4 ,W−1
N ,

respectively, and to divide the result by N .

Alternatively, we can directly apply the FFT algorithm to compute the IDFT. In this case,

x(n) =
1

N

N−1∑
k=0

X(k)W−nk
N =

1

N

[
N−1∑
k=0

X∗(k)Wnk
N

]∗

The IDFT can be computed by transforming the conjugate of X(k) using the FFT, conjugating the

resulting sequence, and dividing it by N .

FFT of real sequences

Up to now, we have considered the DFT of complex sequences. When dealing with real sequences, it

is possible to achieve additional computational savings by exploiting the symmetry properties of these

sequences.

For example, in the context of the decimation-in-time FFT, the two DFTs on N
2 real samples can be com-

puted with a single FFT on N
2 complex samples. This FFT involves the transformation of the sequence

z(n) defined as

z(0) = x(0) + jx(1) = x1(0) + jx2(0)

z(1) = x(2) + jx(3) = x1(1) + jx2(1)

z(2) = x(4) + jx(5) = x1(2) + jx2(2)

...

z(N/2− 1) = x(N − 2) + jx(N − 1) = x1(N/2− 1) + jx2(N/2− 1)

We have:

Z(0) = X1(0) + jX2(0)

Z(1) = X1(1) + jX2(1)

...

Z(N/2− 1) = X1(N/2− 1) + jX2(N/2− 1)

Utilizing the symmetry properties of real sequences, we derive the following relations:

X1(k) =
Z(k) + Z∗(N/2− k)

2

X2(k) =
Z(k)− Z∗(N/2− k)

2j

Thus, the computation of X1(k) and X2(k) from Z(k) requires only additions, subtractions, and division

by 2.

Then, we can apply the last butterfly stage to X1(k) and X2(k) to compute X(0), X(1), . . . , X(N/2).

The terms X(N/2 + 1), . . . , X(N − 1) can be computed without any additional operations by exploiting

the conjugate symmetry property of X(k).
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If, as is often the case in practice, we need to compute the N -sample DFT of two real sequences x(n)

and y(n), we can efficiently apply a single FFT to the sequence z(n) = x(n) + jy(n). The DFTs of x(n)

and y(n), denoted as X(k) and Y (k), can then be computed using the following formulas:

X(k) =
Z(k) + Z∗(N − k)

2
.

Y (k) =
Z(k)− Z∗(N − k)

2j
.
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06.05 Linear convolution and circular convolution

We defined the convolution between two infinite-length sequences, x(n) and h(n), as

y(n) =

+∞∑
m=−∞

x(m)h(n−m) =

+∞∑
m=−∞

h(m)x(n−m) = x(n)⊛ h(n).

This convolution is also called linear convolution. When the two sequences have finite lengths N , i.e.,

x(n) = 0 ∀n < 0 and ∀n ≥ N , and h(n) = 0 ∀n < 0 and ∀n ≥ N , the convolution is given by

y(n) =

N−1∑
m=0

x(m)h(n−m) =

N−1∑
m=0

h(m)x(n−m).

In this case, the resulting sequence y(n) also has a finite length equal to 2N − 1, i.e. y(n) = 0 ∀n < 0

and ∀n ≥ 2N − 1. Indeed,

y(0) = x(0)h(0)

y(1) = x(0)h(1) + x(1)h(0)

y(2) = x(0)h(2) + x(1)h(1) + x(2)h(0)

...

y(2N − 2) = x(N − 1)h(N − 1)

Example:

We have seen that an important property of DTFT and Z-Transform is the transformation of linear

convolution into the product of the transforms of the two sequences:

x(n)⊛ h(n)
DTFT←→ X(ejω)H(ejω)

x(n)⊛ h(n)
Z←→ X(z)H(z)

Thus, it is possible to evaluate the convolution by computing the transform of x(n) and of h(n), multiply-

ing these transforms, and then taking the inverse transform of the product:
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A similar property holds for the DFT, but it involves a modified definition of convolution. The DFT applies

to periodic sequences or sequences that are the periodic extension of finite-length sequences.

Given two periodic sequences with the same period N (or given two finite-length sequences with a

duration less than or equal to N , periodically extended with period N ), we define the circular convolution

of the two sequences as the sequence yp(n) given by

yp(n) = xp(n)N⃝hp(n) =

=

N−1∑
m=0

xp(m)hp(n−m) =

=

N−1∑
m=0

hp(m)xp(n−m) =

=

N−1∑
m=0

hp(m)xp(⟨n−m⟩N ),

which is a periodic sequence of period N .

The circular convolution satisfies the commutative property and the distributive property:

x(n)N⃝h(n) = h(n)N⃝x(n)

(x1(n) + x2(n)) N⃝h(n) = x1(n)N⃝h(n) + x2(n)N⃝h(n)

The evaluation of the circular convolution involves the same operations we have seen for the linear

convolution. If we want to compute
N−1∑
m=0

xp(m)hp(n−m)

we need to:

1. Fold hp(n) to get hp(−m),

2. Delay hp(−m) by n samples to get hp(n−m),

3. Compute the sample-by-sample product between xp(m) and hp(n−m),

4. Sum all terms for m = 0 till m = N − 1.

The main difference with the linear convolution comes from the fact that the sequences xp(n) and hp(n)

are periodic with a period of N and that the sum is performed only over one period (from 0 to N − 1).
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Consider the sequences xp(n) and hp(n) which derive from the periodic repetition of
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For computing the circular convolution, we can apply the tabular method we have seen for the linear

convolution, with the only difference that we have to wrap around in the window [0, N − 1] the partial

products of the second, third, ..., N -th row, that fall outside this window.

Let us consider the period from 0 to N − 1 of yp(n) = xp(n)N⃝hp(n):

In the second row, the partial product x(3)h(1) must be taken back to the first position. In the third

row, the two partial products x(2)h(2) and x(3)h(2) must be taken back to the first and second position,

respectively. In the forth row, the partial products x(1)h(3), x(2)h(3), and x(3)h(3) must be taken back

to the first, second and third position, respectively. Thus, we have:

yp(0) = x(0)h(0) + x(3)h(1) + x(2)h(2) + x(1)h(3)

yp(1) = x(1)h(0) + x(0)h(1) + x(3)h(2) + x(2)h(3)

yp(2) = x(2)h(0) + x(1)h(1) + x(0)h(2) + x(3)h(3)

yp(3) = x(3)h(0) + x(2)h(1) + x(1)h(2) + x(0)h(3)
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Example:

Property: The DFT transforms the circular convolution into the product of the transforms of the two

sequences:

xp(n)N⃝hp(n)
DFT←→ Xp(k)Hp(k)

Proof:

xp(n)N⃝hp(n) =

N−1∑
m=0

xp(m)hp(n−m)

DFT {xp(n)N⃝hp(n)} =
N−1∑
n=0

(
N−1∑
m=0

xp(m)hp(n−m)

)
e−j 2π

N nk =

=

N−1∑
m=0

xp(m)

(
N−1∑
n=0

hp(n−m)e−j 2π
N (n−m)k

)
e−j 2π

N mk =

=

N−1∑
m=0

xp(m)Hp(k)e
−j 2π

N mk =

= Hp(k)

N−1∑
m=0

xp(m)e−j 2π
N mk = Hp(k)Xp(k)

Q.E.D.

This property is used for computing the fast convolution of two sequences. The linear convolution

between two sequences can be obtained by means of the circular convolution of suitable periodic se-

quences, with the circular convolution computed in the DFT domain.

Linear convolution of two finite-length sequences

Consider first the computation of the linear convolution between two finite-length sequences.

Let us call x(n) a sequence of length N , x(n) = 0 ∀n < 0 and ∀n ≥ N , and let us call h(n) a sequence

of length M , x(n) = 0 ∀n < 0 and ∀n ≥M . Then, the linear convolution of x(n) and h(n),

y(n) =

N−1∑
m=0

x(m)h(n−m)
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has length L = N +M − 1. Indeed,

y(0) = x(0)h(0)

y(L− 1) = x(N)h(M) = y(N +M − 2)

Let us consider the two sequences xp(n) and hp(n) obtained from the periodic repetition of x(n) and

h(n), respectively, with period L.

On the fundamental period:

yp(n) = xp(n) L⃝hp(n) =

L−1∑
m=0

xp(m)hp(n−m) =

N−1∑
m=0

x(n)h(n−m) = x(n)⊛ h(n)

yp(n) = xp(n) L⃝hp(n) coincides with the periodic repetition with period L of the sequence y(n) =

x(n)⊛ h(n):

y(n) = x(n)⊛ h(n) = yp(n) = xp(n) L⃝hp(n) for 0 ≤ n < L.

Theorem:

Let x(n) be a sequence of length N , x(n) = 0 ∀n < 0 and ∀n ≥ N , and let h(n) be a sequence of length

M , h(n) = 0 ∀n < 0 and ∀n ≥M . Let us consider the two sequences xp(n) and hp(n) obtained from the

periodic repetition of x(n) and h(n), respectively, with period L = M +N − 1. Then, for 0 ≤ n ≤ L− 1,

it holds that

xp(n) L⃝hp(n) = x(n)⊛ h(n).

Proof: By construction, it is:

• xp(n) = x(n) for 0 ≤ n ≤ L− 1.

• xp(n) = 0 for N ≤ n ≤ L− 1.

• hp(n) = h(n) for −(N − 1) ≤ n ≤ L− 1.

(hp(n) = 0 for −(N − 1) ≤ n < 0).
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Thus, for 0 ≤ n ≤ L− 1,

xp(n) L⃝hp(n) =

L−1∑
m=0

xp(m)hp(n−m) =

=

N−1∑
m=0

xp(m)hp(n−m) =

=

N−1∑
m=0

x(m)hp(n−m)

For 0 ≤ n ≤ L− 1 and 0 ≤ m ≤ N − 1

−(N − 1) ≤ n−m ≤ L− 1 =⇒ hp(n−m) = h(n−m)

xp(n) L⃝hp(n) =

N−1∑
m=0

x(m)h(n−m) = x(n)⊛ h(n).

Q.E.D.

We can compute the linear convolution of two finite-length sequences by means of the following opera-

tions:

1. Compute the FFT on L points of x(n) and h(n).

2. Multiply X(k) and H(k) for 0 ≤ k < L.

3. Compute the inverse FFT transform on L points of X(k)H(k).

The fast convolution technique with the FFT is efficient when the two sequences x(n) and h(n) have

similar lengths (N ≃ M ). If this is not true, we have to add a large number of zeros to the shortest

sequence, increasing the computational cost considerably.

If we assume to know a priori H(k), since the computational cost of the FFT is L
2 log2(L) complex

multiplications and L log2(L) complex additions, the total cost of the fast convolution algorithm is

2 ·
(
L

2
log2(L)

)
+ L = L (log2(L) + 1) complex multiplications,

2 · (L log2(L)) complex additions.

This computational cost must be compared with that of the direct computation of the convolution on L

output samples which is:

L ·M complex multiplications,

L · (M − 1) complex additions.

In general, log2(L) + 1≪M and we have a significant computational saving.

Note that to apply this technique, we must process the entire input sequence before applying the fast

convolution algorithm. Thus, there is a delay introduced, which is equal to the length of the input

sequence
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Linear convolution of a finite length sequence with an infinite length sequence.

The fast convolution method for finite-length sequences can be extended to compute the convolution

between a finite-length sequence h(n) and an infinite-length sequence x(n). This is a very common

situation: the FIR filtering of an infinite-length signal or a finite-length signal with very long duration.

The trick used is to split the sequence x(n) into many segments of finite length. For each of these

segments, we can evaluate the linear convolution with a technique similar to that we have seen for

finite-length sequences. There are two possible approaches:

• Overlap-add method

• Overlap-save method

Overlap-add method.

In this method, the input sequence x(n) is split into the sum of adjacent non-overlapping sequences of

finite length N. Assuming the sequence x(n) to be causal,

x(n) =

+∞∑
m=0

xm(n−mN)

with

xm(n) =

{
x(n+mN) 0 ≤ n ≤ N − 1

0 otherwise.

But, we have:

y(n) =

M−1∑
l=0

h(l)x(n− l) =

M−1∑
l=0

h(l)

+∞∑
m=0

xm(n− l −mN) =

=

+∞∑
m=0

[
M−1∑
l=0

h(l)xm(n−mN − l)

]
=

+∞∑
m=0

ym(n−mN)

where

ym(n) =

M−1∑
l=0

h(l)xm(n− l) = h(n)⊛ xm(n)

ym(n) is the convolution of two finite-length sequences. It can be computed by means of the FFT of

the two sequences, the product of the FFTs, and an inverse FFT. If h(n) has length M and xm(n) has
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length N , ym(n) has length L = M +N − 1 > N . Thus, the sequences ym(n) overlap with the adjacent

ones over M − 1 samples.

Since y(n) =

+∞∑
m=0

ym(n −mN), the tails that temporally overlap are added together. For this reason,

the method is called the ’overlap-add’ method.

Thus, the overlap-add method is applied with the following procedure:

1. Split x(n) in adjacent segments of length N .

2. Add M−1 zeros to each segment in order to obtain the sequences xm(n) of length L = M+N−1
(typically, L is a power of 2).

3. Compute Xm(k) with FFT.

4. Compute Ym(k) = H(k)Xm(k) (with H(k) computed once and a priori).

5. Compute the inverse FFT of Ym(k): ym(n) = IFFT {Ym(k)} .

6. Add (on M − 1 points) the overlapping tails to get y(n) =
+∞∑
m=0

ym(n−mN).

Using Cooley and Tukey algorithms for computing the FFT and IFFT, it is convenient to use the decimation-

in-frequency algorithm for the FFT and the decimation-in-time algorithm for the IFFT. In this way, we can

avoid permutations with the bit-reversal rule. From the sequence with natural order xm(n), we obtain the

sequence with bit-reversal order Xm(k). We can think that H(k) has also been obtained with the same

decimation-in-frequency algorithm, and its samples are ordered with the bit-reversal rule. Multiplying

element by element H(k) and Xm(k) and computing the IFFT with the decimation-in-time algorithm, we

obtain ym(n) with the natural order.
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(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

Overlap-save method

Consider h(n) of length M , h(n) = 0 ∀n < 0 and ∀n ≥M , and g(n) of length L = M +N − 1, g(n) = 0
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∀n < 0 and ∀n ≥ L. Let hp(n) and gp(n) be obtained from the periodic repetition of h(n) and g(n) with

period L. The circular convolution hp(n) L⃝gp(n) = yp(n) is given by:

yp(n) =

L−1∑
m=0

gp(m)hp(n−m) =

for M − 1 ≤ n ≤ L− 1: =

L−1∑
m=0

g(m)h(n−m) = y(n)

for 0 ≤ n < M − 1: ̸=
L−1∑
m=0

g(m)h(n−m) = y(n)

For M−1 ≤ n ≤ L−1, yp(n) coincides with the linear convolution, while for the first M−1 samples, yp(n)

differs from the linear convolution. These first M − 1 samples are ”affected” by the periodic repetition of

the signals.

Theorem: Let x(n) be a sequence of length L, x(n) = 0 ∀n < 0 and ∀n ≥ L. Similarly, let h(n) be

a sequence of length M , where h(n) = 0 for all n < 0 and n ≥ M . Consider the sequences xp(n)

and hp(n) obtained by the periodic repetition of x(n) and h(n), respectively, with a period of L. For

M − 1 ≤ n ≤ L− 1, we have:

xp(n) L⃝hp(n) = x(n)⊛ h(n).

Proof:

Define N = L−M + 1 (i.e., L = M +N − 1) . By construction it is

• xp(n) = x(n) for 0 ≤ n ≤ L− 1.

• hp(n) = h(n) for −(N − 1) ≤ n ≤ L− 1.

Thus, for M − 1 ≤ n ≤ L− 1

xp(n) L⃝hp(n) =

L−1∑
m=0

xp(m)hp(n−m) =

=

L−1∑
m=0

x(m)hp(n−m)
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For M − 1 ≤ n ≤ L− 1 and 0 ≤ m ≤ L− 1,

M − 1− (L− 1) ≤ n−m ≤ L− 1

M − 1− (L− 1) = M − 1− (M +N − 1− 1) = −(N − 1)

Thus,

−(N − 1) ≤ n−m ≤ L− 1 =⇒ hp(n−m) = h(n−m)

xp(n) L⃝hp(n) =

L−1∑
m=0

x(m)h(n−m) = x(n)⊛ h(n).

Q.E.D.

The overlap-save method exploits this property by splitting x(n) into sequences xm(n) of length L,

where the first M−1 samples of each sequence repeat the last M−1 samples of the previous sequence

xm−1(n).

By computing the circular convolution on L samples, the first M − 1 samples of yp(n) are affected by

temporal aliasing and are discarded, while the remaining N samples coincide with those of the linear

convolution x(n)⊛ h(n).

(The darkened terms are discarded because they are affected by aliasing). Note that

xm(n) =

{
x(n−mN) −M + 1 ≤ n ≤ N − 1

0 otherwise

Summarizing the overlap-save method is composed of the following operations:

1. Build the sequence xm(n) composed by the last M − 1 samples of xm−1(n) and N new samples

of x(n).

2. Transform with the FFT xm(n) to obtain Xm(k).

3. Multiply Xm(k) ·H(k) = Ym(k).

4. Compute the inverse transform ym(n) = IFFT{Ym(k)}.
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5. Discard the first M − 1 samples of ym(n) and keep the last N samples that provide y(n).

Also in this case, it is convenient to use a decimation-in-frequency FFT for the direct transform and a

decimation-in-time FFT for the inverse transform.

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

Computational cost of the overlap-save method

Since we work with an infinite-length input sequence x(n) (or a very long finite-length input sequence),
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it is convenient to refer to the complexity per single output sample.

By applying the convolution sum directly, the computational cost is equal to M complex multiplications

and M − 1 additions per sample.

In the case of the overlap-save technique, the computational cost is[
2

(
L

2
log2(L)

)
+ L

]
/N complex multiplications,

[2L log2(L)] /N complex additions.

Indeed, we have two FFTs of length L, L products X(k)H(k), and from these, we obtain N output

samples.

Also in this case it is convenient to choose N > M and almost equal to M .

Example: Consider h(n) of length M = 128. The convolution sum costs 128 multiplications and 127

additions per output sample. Assuming L = 256 (N = 129), the overlap-save technique has a cost of

17.86 multiplications and 31.75 additions per output sample. With L = 512 (N = 385), the overlap-save

technique has a cost of 13.29 multiplications and 23.93 additions per output sample. Further increments

in L do not lead to any further reduction in computational complexity.

Note that the higher is N (and thus L), the greater the delay introduced by the convolution using the

overlap-add or overlap-save method.

Convolution of real sequences

If the FIR filter is real, and the sequence x(n) is also real, it is possible to achieve significant compu-

tational savings by simultaneously computing the convolution of two consecutive segments. Indeed,

given xm(n) and xm+1(n), we can construct

xm(n) + jxm+1(n)

and apply the fast convolution technique to this sequence. The corresponding output signal is

ym(n) + jym+1(n).

By separating the real and the imaginary parts, we can compute the output signal of the two consecutive

sequences.
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06.06 Frequency analysis with DTFT and DFT

In order to compute the spectrum of a continuous-time or discrete-time signal, we need all the signal

samples from −∞ to +∞. Nevertheless, in practice, a signal is always observed only within a finite

temporal window. If the signal is analog, we first filter it with an anti-aliasing (lowpass) filter, and then

sample it with a sampling frequency Fs ≥ 2B, where B is the bandwidth of the signal, to obtain a

discrete-time signal. The length of the discrete-time signal is then limited (i.e., truncated) to only L

samples (i.e., to a window of TL seconds, with T being the sampling period and T = 1/Fs).

The finite-length interval limits the frequency resolution, i.e., it restricts our ability to distinguish between

two frequencies with a frequency separation lower than 1
LT .

Let us denote the infinite length sequence we want to analyze as x(n). Limiting the sequence duration

to L samples, i.e., to the interval 0 ≤ n ≤ L− 1, is equivalent to multiplying sample by sample x(n) with

a rectangular window function w(n) of length L:

x̂(n) = x(n) · w(n)

w(n) =

{
1 0 ≤ n ≤ L− 1

0 otherwise.

In this way the signal spectrum to be analyzed, X̂(ejω) is given by

X̂(ejω) =
1

2π

∫ +π

−π

X(ejθ)W (ej(ω−θ))dθ

Let us prove the last relation. We know that

x(n) =
1

2π

∫ +π

−π

X(ejθ)ejθndθ

DTFT [x(n)w(n)] =

+∞∑
n=−∞

x(n)w(n)e−jωn =

=

+∞∑
n=−∞

w(n)
1

2π

∫ +π

−π

X(ejθ)ejθndθe−jωn =

=
1

2π

∫ +π

−π

X(ejθ)

+∞∑
n=−∞

w(n)e−j(ω−θ)ndθ =

=
1

2π

∫ +π

−π

X(ejθ)W (ej(ω−θ))dθ

The last integral is also known as the convolution integral.

The spectrum of the rectangular function W (ejω) is given by

DTFT [w(n)] =

L−1∑
n=0

e−jωn =

© 2024 Alberto Carini 112/600



Digital Signal and Image Processing
06.06 Frequency analysis with DTFT and DFT

Computer Engineering
University of Trieste

=
1− e−jωL

1− e−jω
=
/
· e

jω L
2 e−jω L

2

ej
ω
2 e−j ω

2

=
ejω

L
2 − e−jω L

2

ej
ω
2 − ej

ω
2
· e−jω L−1

2 =

=
j sin

(
ωL

2

)
j sin

(
ω
2

) · e−jω L−1
2

This is a function similar to
sin(x)

x
. In the convolution with X(ejω), it has the effect of spreading the

spectrum of x(n) over all frequencies. This phenomenon is called leakage.

Let us consider an example:

x(n) = cos(ω0n) =
1

2

[
e−jω0n + ejω0n

]
.

For the frequency shift property:

X̂(ejω) =
1

2

[
W (ej(ω+ω0)) +W (ej(ω−ω0))

]

We see that the spectrum, instead of being a line (a Dirac pulse at ±ω0), forms a lobe whose width

depends on the number of samples L that we are observing. Generally, the greater the value of L, the

better the spectral resolution. For instance, consider

x(n) = cos(ω1n) + cos(ω2n)

with ω1 ≃ ω2,

X̂(ejω) =
1

2

[
W (ej(ω+ω1)) +W (ej(ω+ω2)) +W (ej(ω−ω1)) +W (ej(ω−ω2))

]
Only when |ω1 − ω2| ≥ 2π

L (which is half of the lobe width), it is possible to distinguish two separate

lobes.
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Example:

x(n) = cos(ω0n) + cos(ω1n) + cos(ω2n)

with ω0 = 0.2π, ω1 = 0.22π, and ω2 = 0.6π

If we increase the observation window, i.e., L, we can reduce the width of the main lobe of W (ejω), but

the secondary lobes are not attenuated; that is, the leakage effect remains. To reduce these lobes and

minimize leakage, we can use an appropriate window function w(n)

For example, a commonly used window function is the Hann window (or Hanning window), which is a

raised cosine function:

w(n) =


1

2

[
1− cos

(
2πn

L− 1

)]
for 0 ≤ n ≤ L− 1

0 otherwise,

or the Hamming window:

w(n) =

 0.54− 0.46 cos

(
2πn

L− 1

)
for 0 ≤ n ≤ L− 1

0 otherwise.

For these window functions, the secondary lobes are more attenuated than with the rectangular window.

The reduction of the secondary lobes is obtained at the expense of an enlargement of the main lobe,

i.e., at the expense of resolution loss (which can be compensated by increasing L). Since

X̂(ejω) =
1

2π

∫ +π

−π

X(ejθ)W (ej(ω−θ))dθ
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if the spectrum of w(n) is narrow compared to that of x(n), the window function leads only to a negligible

lowpass effect (a smoothing effect) on the spectrum X(ejω). On the contrary, if w(n) has a large main

lobe (as in the case of small L), the spectrum of w(n) will mask the details of X(ejω).

Typically, the spectrum is evaluated with the DFT, which, for finite-length sequences of length L, coin-

cides with the DTFT estimated at L uniformly spaced points on the interval [0, 2π]:

DFT[x̂(n)] = x̂(ejω)
∣∣∣
ω= 2π

L k

By extending x̂(n) with N − L zeros (i.e., by computing the DFT on N points), we can increase the

resolution in estimating X̂(ejω) as much as we desire. Nevertheless, it’s important to note that the DFT

provides samples of X̂(ejω), and increasing N does not result in a better estimation of X(ejω). The

frequency resolution in the estimation of X(ejω) depends only on the length of the observation window

L.

Window functions used in practice and their spectra
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06.07 The Short-Time Fourier Transform - STFT

The Short-Time Fourier Transform (STFT) is a commonly used tool for the analysis, modification, and

synthesis of signals with time-varying characteristics. It is often employed in speech and audio process-

ing. Given an input signal x(n), data segments are extracted at regular intervals using a time-limited

window w(m). The signal segments or frames can be expressed as

xl(m) = w(m)x(m+ lL); 0 ≤ m ≤ N − 1,

where N is the window length, l is the frame index, L is the hop size, i.e., the spacing in samples

between two consecutive frames, with L ≤ N in general. Thus, two consecutive frames may overlap

over L−N samples. The index m is the local time index, i.e., an index relative to the start of the sliding

window, while the ’global’ time index of xl(m) is

n = m+ lL.

For each signal frame, the discrete Fourier transform is computed as follows:

X(k, l) =

N−1∑
m=0

xl(m)e−j 2π
K nk =

=

N−1∑
m=0

w(m)x(m+ lL)e−j 2π
K nk,

where K is the DFT size, with K ≥ N (performing the DFT on a larger number of points than the window

size can enhance spectrum visualization or account for processing at a later stage). The STFT X(k, l)

characterizes the local time-frequency behavior of the signal around time lL and bin k. For a continuous

sampling rate FS , the discrete indexes correspond to the continuous time lL/FS and frequency kFS/K.

The STFT can be thought of as the spectral representation of a time slice of the input signal. By inter-

preting X(k, l) as a function of the frequency k for each value of the time index l, the STFT corresponds

to a series of time-localized spectra. Alternatively, we can view the STFT as a function of time for each

frequency. Interpreting X(k, l) as a time series that is a function of l for each bin k, the STFT then corre-

sponds to a filter bank that decomposes the input signal into subbands (with one subband for each bin).

We will delve into filter banks later in the course. In any case, these two interpretations are depicted

with respect to the time-frequency plane in the following figure.
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(Figure taken from Benesty, Jacob, M. Mohan Sondhi, and Yiteng Huang, eds. Springer handbook of

speech processing. Berlin: Springer, 2008.)

Note that we can increase the spectral resolution by extending the length of the window N , but this

leads to lower resolution in time. Conversely, we can enhance time resolution by reducing the length of

the window N , but it results in lower resolution in frequency. Therefore, a compromise must be reached

between the two requirements of achieving high time resolution or high frequency resolution.

The STFT is an analysis tool: it provides a representation of the signal and can reveal information about

the signal. Very often, the squared magnitude of the STFT, |X(k, l)|2 is visually represented using

an image called a spectrogram. The X-axis of the spectrogram corresponds to time, and the Y-axis

corresponds to frequency, with |X(k, l)|2 depicted using gray levels or false colors:

(Figure taken from Ian Vince McLoughlin, “Speech and Audio Processing”- Cambridge Univesity Press,

2016)
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Spectrogram of the word ”manta” (Figure taken from Wikipedia)

The STFT allows for useful modifications of the signal, some guided by the information captured by

the STFT itself. This includes techniques such as (i) speech enhancement, which aims to improve the

signal-to-noise ratio or the intelligibility of the speech signal; (ii) time-scale modification, which can be

applied to alter the duration of a speech or audio signal without changing its character (i.e., the pitch),

such as playing the signal faster or slower; (iii) pitch modification that can be employed to change

the pitch without altering the time scale. In these scenarios, the STFT of the input signal is modified

to achieve the desired effect. To generate the modified signal, an appropriate synthesis operation is

needed. Ideally, such a synthesis operation should perfectly reconstruct the original signal if no STFT-

domain modification is carried out. A synthesis procedure based on this perfect reconstruction property

is described in the following.

The reconstruction operation is essentially the reverse of the analysis operation. First, the inverse

Discrete Fourier Transform (IDFT) of each local spectrum is computed. Then, the resulting signal frames

are aggregated to synthesize the signal. If the DFT size is sufficiently large (K ≥ N ), the IDFT simply

returns the windowed signal segment:

x̂l(m) = IDFT{X(k, l)} = w(m)x(m+ lL), 0 ≤ m ≤ N − 1

considering the local time m. In the global time n, considering m = n− lL we have

x̂l(n− lL) = w(n− lL)x(n) lL ≤ n ≤ lL+N − 1

The output signal reconstruction can then be obtained by an overlap-add operation, possibly adopting

a synthesis window. Denoting v(n) as the synthesis window, the overlap-add reconstruction is given by

x̂(n) =
∑
l

v(n− lL)x̂l(n− lL) =
∑
l

v(n− lL)w(n− lL)x(n)

To obtain the output signal x̂(n), each frame generated by the IDFT is weighted by the synthesis window

v(m) and added to the neighboring windows in the parts that overlap in time. Since x(n) is not a function

of l, we have

x̂(n) = x(n)
∑
l

v(n− lL)w(n− lL).
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Perfect reconstruction is achieved if the analysis and synthesis windows satisfy the constraint

∑
l

v(n− lL)w(n− lL) = 1

In many cases, v(n) is not specified, and the equivalent synthesis window is a rectangular window or

length N . Then, the constraint becomes simply

∑
l

w(n− lL) = 1.

Several perfect reconstruction windows that satisfy this condition have been studied in the literature.

For example, the rectangular or the triangular windows, and the Blackman-Harris family, which includes

the Hann and Hamming windows. These are also referred to as windows with the overlap-add property

and will be denoted by wPR(n) in the following. It is worth noting that any window function satisfies the

overlap-add property when L = 1; for L = N , the only window that has the overlap-add property is a

rectangular window of length N ; for L > N , there are time gaps between successive frames and no

window can have the overlap-add property.

There are several methods to design analysis and synthesis windows that satisfy

∑
l

v(n− lL)w(n− lL) = 1.

The simplest and most common approach is that of considering

v(m) = w(m) =
√

wPR(m).

Another approach involves using a perfect reconstruction window wPR(m) and an arbitrary window

b(m), which is strictly nonzero over the time support of wPR(m). In this case, b(m) is employed as the

analysis window, and

v(m) =
wPR(m)

b(m)

is used as the synthesis window.

The following figure illustrates the operations involved in the analysis, processing, and synthesis using

the STFT and the overlap-add method:
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(Figure taken from Ian Vince McLoughlin, “Speech and Audio Processing”- Cambridge Univesity Press,

2016)
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06.08 The Discrete Cosine Transform - DCT

The DFT is not the only transform that requires only multiplications and additions for its computation.

Let us consider first the expressions of the direct and inverse DFTs:

X(k) =

N−1∑
n=0

x(n)e−j 2π
N nk

x(n) =
1

N

N−1∑
k=0

X(k)ej
2π
N nk

These expressions can also be written as

X(k) =

N−1∑
n=0

x(n)f(n, k)

x(n) =

N−1∑
k=0

X(k)g(n, k)

where for the DFT it is

f(n, k) = e−j 2π
N nk

g(n, k) =
ej

2π
N nk

N

By choosing different sequences f(n, k) and g(n, k), we obtain different transforms that still require only

additions and multiplications. Obviously, in order to have a pair of reciprocal transforms, g(n, k) and

f(n, k) must be linked in some way.

We have already discussed the matrix representation of the DFT If we define:

X =


X(0)

X(1)
...

X(N − 1)

 x =


x(0)

x(1)
...

x(N − 1)


we have

X = F · x and x = G ·X

where

F =


f(0, 0) f(1, 0) . . . f(N − 1, 0)

f(0, 1) f(1, 1) . . . f(N − 1, 1)
...

...
...

f(0, N − 1) f(1, N − 1) . . . f(N − 1, N − 1)


(because we consider f(n, k) and we sum on n),

G =


g(0, 0) g(0, 1) . . . g(0, N − 1)

g(1, 0) g(1, 1) . . . g(1, N − 1)
...

...
...

g(N − 1, 0) g(N − 1, 1) . . . g(N − 1, N − 1)


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(because we consider g(n, k) and we sum on k).

The two transforms are reciprocal if and only if

F−1 = G.

In the field of data compression, many different transforms of this family are considered. All these

transforms differ in the choice of the sequences f(n, k) and g(n, k). With these transforms, we exploit

a property of natural signals (and sequences): natural signals tend to concentrate most of their energy

at low frequencies. Given a natural sequence (i.e., a sequence obtained by sampling a natural signal),

we can compress this sequence (i.e., we can code this sequence with a reduced number of bits) by

considering the DFT of the sequence and coding the low frequencies with an adequate number of bits

while the other frequencies are coded with a reduced number of bits.

The DCT is a real transform for real sequences (i.e., for the DCT f(n, k) and g(n, k) are real) which

offers two significant characteristics:

• it obtains a good compression of the energy in a few terms,

• it has fast computation algorithms (similar to the FFT).

In reality there are eight cosine transform. Here we will study the DCT type 2 transform, which is the

most used in practice both for image and audio compression (it is used in JPEG, MPEG, H.261, in MP3,

i.e., in MPEG layer 3 audio coding).

The DCT is related to the DFT. Indeed, here we derive it from the DFT.

Given a sequence x(n) of finite length N , we have seen that the DFT transform the sequence xp(n),

obtained from the periodic repetition of x(n) with period N . Also in the DCT a periodic extension of the

sequence x(n) is considered, but it is an even-order periodic extension. I.e.,

The sequence transformed by the DCT is more regular: we do not have those relevant steps as in the

DFT. Thus, this transformation is able to compact the energy towards the low frequencies better than
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the DFT and is more suitable for data compression. In the DCT (of type 2), the periodic repetition with

period 2N of the sequence

y(n) =

{
x(n) for 0 ≤ n ≤ N − 1

x(2N − 1− n) for N ≤ n ≤ 2N − 1

is considered.

Let us compute the DFT of this sequence:

Y (k) =

2N−1∑
n=0

y(n)Wnk
2N =

N−1∑
n=0

x(n)Wnk
2N +

2N−1∑
n=N

x(2N − 1− n)Wnk
2N

In the second sum, consider the following variables change m = 2N − 1− n, and thus n = 2N − 1−m.

For n = N , it is m = N − 1, and for n = 2N − 1, it is m = 0.

Y (k) =

N−1∑
n=0

x(n)Wnk
2N +

N−1∑
m=0

x(m)W
(2N−1−m)k
2N =

{m = n} =
N−1∑
n=0

x(n)Wnk
2N +

N−1∑
n=0

x(n)W
(−1−n)k
2N =

/
·Wk/2

2N W
−k/2
2N

= W
−k/2
2N

[
N−1∑
n=0

x(n)W
(n+ 1

2 )k

2N +

N−1∑
n=0

x(n)W
−(n+ 1

2 )k

2N

]
=

= W
−k/2
2N

N−1∑
n=0

x(n)
[
W

(n+ 1
2 )k

2N +W
−(n+ 1

2 )k

2N

]

W
(n+ 1

2 )k

2N +W
−(n+ 1

2 )k

2N = ej
2π
2N (n+ 1

2 )k + e−j 2π
2N (n+ 1

2 )k = 2 cos

[
2π

2N
(n+

1

2
)k

]
= 2 cos

[
π(2n+ 1)k

2N

]
Thus,

Y (k) = W
−k/2
2N 2

N−1∑
n=0

x(n) cos

[
π(2n+ 1)k

2N

]
with 0 ≤ k ≤ 2N − 1.

By definition, the Type 2 DCT is given by

C(k) = 2

N−1∑
n=0

x(n) cos

[
π(2n+ 1)k

2N

]
with 0 ≤ k ≤ N − 1 (for N ≤ k ≤ 2N − 1 we find the same samples).

Since Y (k) = W
−k/2
2N C(k), we have C(k) = W

k/2
2N Y (k). From this relation, we see that we can compute

the samples C(k) by building the sequence y(n) and by computing its FFT. This is a fast algorithm, but

for computing a real transform of a real sequence, it requires complex computations. There exist other

algorithms for the fast computation of the DCT (similar to FFT) that require only real operations.

IDCT

For computing the inverse DCT, we exploit the IDFT of Y (k). Let us consider

y(n) =
1

2N

2N−1∑
k=0

Y (k)W−nk
2N =

1

2N

{
Y (0) +

N−1∑
k=1

Y (k)W−nk
2N + Y (N)W−nk

2N +

2N−1∑
k=N+1

Y (k)W−nk
2N

}
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In the last term, let us consider the change of variables l = 2N − k. For k = N + 1, it is l = N − 1. For

k = 2N − 1, l = 1.

y(n) =
1

2N

{
Y (0) +

N−1∑
k=1

Y (k)W−nk
2N + Y (N)W−nk

2N +

N−1∑
l=1

Y (2N − l)W
−n(2N−l)
2N

}
Since we assume y(n) to be real, for the properties of conjugate symmetry of Y (k)

Y (2N − k) = Y ∗(k)

and the two sums are not independent.

Y (0) =

2N−1∑
n=0

y(n) is the mean value of the real signal.

Y (N) =

2N−1∑
n=0

y(n)W−Nn
2N = 0 because WNn

2N = +1 when n is even, and WNn
2N = −1 when n is odd. The

sequence y(n) is symmetric and for each y(n) with n even, there is an identical term with n odd.

Thus,

y(n) =
1

2N

{
Y (0) +

N−1∑
k=1

[
Y (k)W−nk

2N + Y ∗(k)(W−nk
2N )∗

]}
=

=
1

2N

{
Y (0) +

N−1∑
k=1

2 Re
[
Y (k)W−nk

2N

]}
Taking the first N terms we have

x(n) =
1

2N

{
Y (0) +

N−1∑
k=1

2 Re
[
Y (k)W−nk

2N

]}

But Y (k) = C(k)W
−k/2
2N , thus

x(n) =
1

2N

{
C(0) +

N−1∑
k=1

2C(k) Re
[
W

−(n+ 1
2 )k

2N

]}
and the IDCT is

x(n) =
1

2N

{
C(0) +

N−1∑
k=1

2C(k) cos

[
π(2n+ 1)k

2N

]}
.

For more information study:
S. K. Mitra, ”Digital Signal Processing: a computer based approach,” 4th edition, McGraw-Hill, 2011

Chapters 5.2-5.3, pp. 201-211

Chapter 5.7, pp. 224-230

Chapter 11.3.2-4 pp. 621-632

Chapter 5.4 pp. 211-216

Chapter 5.7 pp. 226-228

Chapter 5.12 pp. 249-254

Benesty, Jacob, M. Mohan Sondhi, and Yiteng Huang, eds. Springer handbook of speech process-

ing. Berlin: Springer, 2008

Chapter 12.1, pp. 230-232
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07 Discrete-time LTI systems in the frequency domain

07.01 Ideal filters

One of the most important applications of LTI systems is allowing the passage of certain frequency

components of the signal without any distortion while simultaneously blocking all other frequency com-

ponents. For this reason, LTI systems are also defined as ’filters.’ The two terms, ’LTI system’ and

’filter,’ can be considered synonymous. In fact, the term ’filter’ is used not only for systems that are

frequency-selective but also for all systems that realize an appropriate weighting (a ’spectral shaping’)

of the signal spectrum:

Y (ejω) = H(ejω) ·X(ejω)

Filters can be classified according to their frequency domain characteristics as

• lowpass filters,

• highpass filters,

• bandpass filters,

• bandstop filters.

The ideal characteristics of the frequency responses of these filters are as follows:
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An ideal filter allows certain frequency components to pass unaltered while completely eliminating all

other frequency components. Therefore, an ideal filter exhibits a unit magnitude (or amplitude) response

in the passband and a zero response in the stopband. Additionally, an ideal filter must feature linear

phase in the passband.

Considering a signal {x(n)} with a spectrum entirely within the band ω1 ≤ |ω| ≤ ω2, let’s filter it with a

frequency response given by:

H(ejω) =

{
e−jωn0 ω1 ≤ |ω| ≤ ω2

0 otherwise

In this case, the output signal has a spectrum given by:

Y (ejω) = H(ejω) ·X(ejω) = e−jωn0X(ejω).

This implies that:

y(n) = x(n− n0).

The output signal coincides with the input signal except for a delay of n0. Generally, a pure delay is

tolerable and is not considered signal distortion. If the ideal filter has linear phase, the signal component

in the passband is delayed without distortion. Thus, the ideal phase response is linear in the passband:

θ(ω) = −ωn0.

In practice, we are contented with imposing − dθ

dω
to be constant in the passband, i.e., with imposing the

group delay to be constant in the passband.

07.02 Phase delay and Group delay

Let’s consider a LTI system with frequency response H(ejω), and let θ(ω) be its phase response,

H(ejω) = |H(ejω)| · ejθ(ω).
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For simplicity, let’s assume the system to be real, so that

|H(ejω)| = |H(e−jω)| and θ(ω) = −θ(−ω)

If we consider a sinusoidal sequence with normalized angular frequency ω0 as system input:

x(n) = cos(ω0n) =
ejω0n + e−jω0n

2
,

the output of the system is

y(n) =
1

2
|H(ejω0)|ejθ(ω0)ejω0n +

1

2
|H(e−jω0)|ejθ(−ω0)e−jω0n =

=
1

2
|H(ejω0)|

(
ej(ω0n+θ(ω0)) + e−j(ω0n+θ(ω0))

)
=

= |H(ejω0)| cos[ω0n+ θ(ω0)] =

= |H(ejω0)| cos
[
ω0

(
n+

θ(ω0)

ω0

)]
=

= |H(ejω0)| cos [ω0 (n− tp(ω0))]

The system output is the same sinusoidal sequence delayed by

tp(ω0) = −
θ(ω0)

ω0
.

tp(ω) is referred to as the Phase Delay, representing the delay of a sinusoidal component as it passes

from the input to the output of the system.

However, when we consider a signal composed of multiple frequency components (several sinusoids),

each component passing through the system experiences a different delay. In such cases, the delay

introduced by the system on the signal is assessed using another parameter known as the Group Delay,

defined as:

tg(ω) = −
dθ(ω)

dω
.

It’s important to note that both tp(ω) and tg(ω) vary with frequency.

Considering the following phase response diagram:

the group delay tg(ω) corresponds to the opposite of the slope of θ(ω) in ω0. On the contrary, the phase
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delay tp(ω) corresponds to the opposite of the slope of the line connecting the origin with the point

(ω0, θ(ω0)).

Why is the delay introduced by the system on the signal evaluated using the group delay tg(ω)?

This choice is particularly relevant in Amplitude Modulation (AM) systems, where the group delay rep-

resents the delay introduced on the modulated signal. In contrast, the phase delay corresponds to the

delay of the modulating signal, i.e., the carrier.

Let’s return to the continuous-time domain and consider a lowpass signal (for example, think about a

musical signal), a(t), with a passband [−Ωc,Ωc]. Now, let’s modulate this signal with a carrier having

an angular frequency Ω0 ≫ Ωc. In other words, we multiply the signal by a sinusoidal signal with an

angular frequency Ω0:

xa(t) = a(t) · cos(Ω0t) = a(t) ·
[
ejΩ0t + e−jΩ0t

]
/2

Xa(jΩ) =
1

2
A (j(Ω− Ω0)) +

1

2
A (j(Ω + Ω0))

The spectrum of the signal a(t) is translated to ±Ω0 and occupies the band1

± [Ω0 − Ωc,Ω0 +Ωc] .

Let us assume that the signal xa(t) passes through an LTI system with frequency response H(jΩ)2.

Since Ωc ≪ Ω0, within the band [Ω0 − Ωc,Ω0 + Ωc], we can assume the amplitude response of the LTI

system to be constant (for simplicity, let’s assume it equals 1). Additionally, we can approximate the

phase response with a linear response:

θ(Ω) ≃ θ(Ω0) +
dθ(Ω)

dΩ

∣∣∣
Ω=Ω0

(Ω− Ω0) =

= −tp(Ω0) · Ω0 − tg(Ω0) · (Ω− Ω0)

For Ω > 0, the output signal spectrum is:

Ya(jΩ) =
1

2
A (j(Ω− Ω0)) e

−jtp(Ω0)Ω0e−jtg(Ω0)(Ω−Ω0).

1With the AM modulation, the bandwidth of the signal is twice that of the “baseband” signal a(t).
2Similar to discrete-time LTI systems, for continuous-time systems, the impulse response and the frequency response are

sufficient to completely characterize the LTI system. The impulse response of a continuous-time system, denoted as h(t), is the
response to a Dirac pulse δ(t), and the system output is given by:

y(t) =

∫ +∞

−∞
h(τ)x(t− τ)dτ.

This expression is known as the convolution integral. The frequency response, H(jΩ), is the CTFT of the impulse response h(t)

and can be expressed as:

Y (jΩ) = H(jΩ)X(jΩ)

where X(jΩ) and Y (jΩ) are the CTFTs of x(t) and y(t), respectively. The definitions of phase response, magnitude (or ampli-
tude) response, phase delay, and group delay remain the same as in the discrete-time case.
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For Ω < 0, the output signal spectrum is the conjugate symmetric of the spectrum for Ω > 0.

It is easy to verify that the system output is given by:

ya(t) = a(t− tg) cos[Ω0(t− tp)]

with tg = tg(Ω0) and tp = tp(Ω0). In fact, a(t − tg) has spectrum A(jΩ) · e−jtgΩ. When a(t − tg) is

multiplied by cos[Ω0(t − tp)] =
ejΩ0(t−tp) − e−jΩ0(t+tp)

2
, two components with conjugate symmetry are

generated: one is centered at Ω0, the other at −Ω0. Let’s consider the component for Ω > 0, originating

from
1

2
a(t− tg)e

jΩ0(t−tp) =
1

2
a(t− tg)e

−jΩ0tpejΩ0t

Due to the linearity and frequency shift properties of the Continuous-Time Fourier Transform (CTFT),

the spectrum is:
1

2
A (j(Ω− Ω0)) e

−j(Ω−Ω0)tge−jΩ0tp

(because e−jΩ0tp is a constant, and the product ejΩ0tK(t) has spectrum K (j(Ω− Ω0))). which is the

expression of Ya(jΩ) we has seen before.

Since ya(t) = a(t− tg) · cos[Ω0(t− tp)], we observe that the group delay (tg) represents the delay of the

baseband signal a(t),while the phase delay (tp) corresponds to the delay of the carrier cos[Ω0t].

Let’s redirect our focus to ideal filters. As discussed earlier, an ideal filter is characterized by a unit

amplitude and linear phase in the passband, or, at the very least, it must exhibit a constant group delay

in the passband to ensure that all signal components experience the same delay. Unfortunately, ideal

filters are not realizable. To illustrate, consider the ideal lowpass filter with the frequency response:

HLP(e
jω) =

{
1 |ω| ≤ ωc

0 otherwise

This filter has an impulse response:

hLP(n) =
sin(ωcn)

πn
−∞ < n < +∞

It’s essential to note that this filter is not causal and is, in fact, an unstable system because hLP(n) is

not absolutely summable.

To achieve stable and realizable filters, we relax the stringent conditions imposed by ideal filters. One

key modification involves introducing a transition band between the passband and the stopband. This

enables the magnitude response to gradually decay from its maximum value to zero. Additionally,

the magnitude response is permitted to vary within specified bounds in both the passband and the

stopband.

For instance, when designing a lowpass filter, a frequency mask that defines bounds for the frequency

response similar to the following is often considered:

© 2024 Alberto Carini 131/600



Digital Signal and Image Processing
07.04 Zero-phase filters

Computer Engineering
University of Trieste

In practice, the following constraints are taken into account for |H(ejω)|:{
1− ϵ < |H(ejω)| < 1 0 ≤ ω ≤ ωc

|H(ejω)| < η ωs ≤ ω ≤ π

07.03 Zero-phase filters

In many applications, it is crucial to design digital filters in a manner that introduces no phase distortion

to the input signal components in the passband. One effective approach to avoiding phase distortions

is the implementation of a zero-phase filter, characterized by a real positive frequency response. If we

do not work in real-time and we process real sequences of finite duration, the zero-phase filtering can

be easily implemented if we drop the hypothesis of system causality.

In this block diagram:

the input signal is processed with a filter H(z) having real coefficients; the output of this filter is time-

reversed and it is again filtered with the same filter H(z), whose output is folded again. Let us prove

that this is a zero-phase system.

V (ejω) = H(ejω) ·X(ejω)

U(ejω) = V ∗(ejω)

(because v(n) is real)

W (ejω) = H(ejω) · U(ejω)

Y (ejω) = W ∗(ejω) = H∗(ejω) · U∗(ejω) = H∗(ejω) · V (ejω) =

= H∗(ejω) ·H(ejω) ·X(ejω) = |H(ejω)|2 ·X(ejω)

The system introduced above implements a filter with a frequency response |H(ejω)|2, which is positive

real, ensuring a zero-phase characteristic.

To design a zero-phase filter with a given magnitude response A(ejω), one can design a filter with the

magnitude response
√
A(ejω), without imposing constraints on the phase. Subsequently, the technique

described earlier can be applied. However, a notable drawback of this approach is that real-time signal

processing becomes impossible. The entire sequence must be recorded before the technique can be

applied.

For real-time processing systems, meeting our specifications while ensuring system causality often

involves accepting a certain delay introduced by the filter and considering a linear phase response. We

will explore that it is always possible to design linear phase FIR filters, whereas achieving linear phase

IIR filters is impossible.
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07.04 Linear phase FIR filters

In the upcoming discussion, we will demonstrate that a causal FIR filter with real coefficients, having a

length of N + 1, and a transfer function given by

H(z) =

N∑
n=0

h(n)z−n = h(0) + h(1)z−1 + . . .+ h(N)z−N

(note that now N is the exponent of the polynomial in z−1), exhibits linear phase when the impulse

response h(n) is symmetric,

h(n) = h(N − n) for 0 ≤ n ≤ N,

or is antisymmetric,

h(n) = −h(N − n) for 0 ≤ n ≤ N.

Considering that the length can be either even or odd, we can categorize linear FIR filters with linear

phase into four classes:

• TYPE 1: h(n) is symmetric and has odd length,

• TYPE 2: h(n) is symmetric and has even length,

• TYPE 3: h(n) is antisymmetric and has odd length,

• TYPE 4: h(n) is antisymmetric and has even length.

Let us analyze one by one these four classes.

TYPE 1: h(n) is symmetric and has odd length. Thus, N is even.

Let us consider for example N = 8.

H(z) = h(0) + h(1)z−1 + h(2)z−2 + h(3)z−3 + . . .+ h(7)z−7 + h(8)z−8

The impulse response could be the following,

Here, we have a symmetry axis for N
2 = 4.

For the symmetry it is h(0) = h(8), h(1) = h(7), h(2) = h(6), h(3) = h(5), and

H(z) = h(0)(1 + z−8) + h(1)(z−1 + z−7) + h(2)(z−2 + z−6) + h(3)(z−3 + z−5) + h(4)z−4

/
·z4·z−4
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H(z) = z−4 ·
[
h(0)(z4 + z−4) + h(1)(z3 + z−3) + h(2)(z2 + z−2) + h(3)(z1 + z−1) + h(4)

]
The frequency response is given by

H(ejω) = e−jω4 · [2h(0) cos(4ω) + 2h(1) cos(3ω) + 2h(2) cos(2ω) + 2h(3) cos(ω) + h(4)]

where we have utilized the identity ejωn + e−jωn = 2 cos(ωn).

Note that the expression within the square brackets is real and can take both positive and negative

values. Consequently, the phase of the frequency response is linear, given by

θ(ω) = −4ω + β = −N

2
ω + β with β = 0 or π

and the group delay is constant:

tg = − dθ

dω
= 4 =

N

2
.

In general, for FIR filters of Type 1, the frequency response is given by

H(ejω) = e−j N
2 ω ·H(ω),

H(ω) = h(
N

2
) + 2

N/2∑
n=1

h(
N

2
− n) cos(ωn)

(which is the amplitude response apart from a ±1 factor).

TYPE 2: h(n) is symmetric and has even length. Thus, N is odd.

Let us consider the case where N = 7; here, we have a symmetry axis at N/2 = 3.5:

Let us proceed similarly to the previous case. For symmetry, we express H(z) as:

H(z) = h(0)(1 + z−7) + h(1)(z−1 + z−6) + h(2)(z−2 + z−5) + h(3)(z−3 + z−4)

/
·z7/2·z−7/2

= z−7/2
[
h(0)(z7/2 + z−7/2) + h(1)(z5/2 + z−5/2) + h(2)(z3/2 + z−3/2) + h(3)(z1/2 + z−1/2)

]
,

H(ejω) = e−j 7
2ω

[
2h(0) cos(

7

2
ω) + 2h(1) cos(

5

2
ω) + 2h(2) cos(

3

2
ω) + 2h(3) cos(

1

2
ω)

]
.

Once again, the term within the square brackets is real, taking either positive or negative values. Con-

sequently, the phase is given by

θ(ω) = −7

2
ω + β = −N

2
ω + β with β = 0 or π

tg = −dθ(ω)

dω
=

N

2
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In general, it is

H(ejω) = e−jωN
2 ·H(ω)

H(ω) = 2

(N+1)/2∑
n=1

h(
N + 1

2
− n) cos[ω(n− 1

2
)]

TYPE 3: h(n) is antisymmetric and has odd length. Thus, N is even.

Here, we have an antisymmetry axis for N/2:

Given h(N − n) = −h(n), for n = N
2 , it follows that h(N2 ) = −h(

N
2 ) = 0.

Let’s consider N = 8 and proceed similarly to the previous cases:

H(z) = h(0)(1− z−8) + h(1)(z−1 − z−7) + h(2)(z−2 − z−6) + h(3)(z−3 − z−5)

/
·z4·z−4

= z−4
[
h(0)(z4 − z−4) + h(1)(z3 − z−3) + h(2)(z2 − z−2) + h(3)(z1 − z−1)

]
Since ejωm − e−jωm = 2j sin(ωm) = 2ejπ/2 sin(ωm),

H(ejω) = 2e−j4ωejπ/2 [h(0) sin(4ω) + h(1) sin(3ω) + h(2) sin(2ω) + h(3) sin(ω)]

θ(ω) = −4ω +
π

2
+ β = −N

2
ω +

π

2
+ β with β = 0 or π

tg = −dθ(ω)

dω
=

N

2

In general, it is

H(ejω) = e−j N
2 ωejπ/2 ·H(ω)

H(ω) = 2

N/2∑
n=1

h(
N

2
− n) sin[ωn]

TYPE 4: h(n) is antisymmetric and has even length. Thus, N is odd.

We have an antisymmetry axis for N/2:
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Let’s proceed similarly to the previous cases, considering N = 7.

H(z) = h(0)(1− z−7) + h(1)(z−1 − z−6) + h(2)(z−2 − z−5) + h(3)(z−3 − z−4)

/
·z7/2·z−7/2

= z−7/2
[
h(0)(z7/2 − z−7/2) + h(1)(z5/2 − z−5/2) + h(2)(z3/2 − z−3/2) + h(3)(z1/2 − z−1/2)

]
H(ejω) = e−j 7

2ωejπ/22

[
h(0) sin(

7

2
ω) + h(1) sin(

5

2
ω) + h(2) sin(

3

2
ω) + h(3) sin(

1

2
ω)

]
Thus, the phase is

θ(ω) = −7

2
ω +

π

2
+ β = −N

2
ω +

π

2
+ β with β = 0 or π

tg = −dθ(ω)

dω
=

7

2
=

N

2

In general, it is

H(ejω) = e−jωN
2 · ejπ/2 ·H(ω)

H(ω) = 2

(N+1)/2∑
n=1

h(
N + 1

2
− n) sin[ω(n− 1

2
)]

Note that H(ω) can take on negative values for certain ω. It represents the amplitude response, with

the inclusion of a multiplicative term ±1. Negative values of H(ω) are commonly observed especially in

the stopband.
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Zeros’ position in linear FIR filters

For the symmetric filters:

H(z) =

N∑
n=0

h(n)z−n =

N∑
n=0

h(N − n)z−n

By introducing the variable change m = N − n in the second equality, we get:

H(z) =

N∑
m=0

h(m)z−N+m = z−NH(z−1)

Similarly, for the antisymmetric filters, we have

H(z) = −z−NH(z−1).

A polynomial with constant coefficients that satisfies the condition H(z) = z−NH(z−1) is referred to as

a mirror image polynomial. Conversely, a polynomial with constant coefficients satisfying the condition

H(z) = −z−NH(z−1) is termed an antimirror image polynomial.

For these two properties, if z = ξ0 is a zero of H(z) (H(ξ0) = 0) then z = ξ−1
0 is also a zero of H(z). In

other words, symmetric and antisymmetric FIR filters exhibit zeros with reciprocal symmetry, known as

mirror image symmetry with respect to the unit circle. Additionally, if the filter has real coefficients, the

zeros also possess conjugate symmetry. If a filter has a pair of conjugate symmetric zeros in z = re±jθ,

then, due to the mirror image symmetry property of the zeros, it must also have a pair of zeros a

z = r−1e±jθ:

For a zero on the unit circle z = ejθ, its reciprocal coincides with the conjugate. Consequently, the filter

can have pairs of zeros on the unit circle in e±jθ. For every real zero z = r, the filter must have also the

reciprocal zero in z = r−1. Additionally, zeros in z = ±1 are reciprocal of themselves and may appear

individually in the set of zeros of H(z).
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Note that an FIR filter of Type 2 (h(n) symmetric and of even length, N odd) must have at least a zero

at −1. This is evident from the condition:

H(z) = z−NH(z−1)

H(−1) = (−1)−NH(−1) = −H(−1) = 0

Similarly, in Type 3 and 4 FIR filters, there must be at least one zero at z = +1 due to the antisymmetry

condition:

H(z) = −z−NH(z−1)

H(1) = −1NH(1) = −H(1) = 0

Furthermore, Type 3 FIR filters, which have an odd length and N even, must also have at least one zero

at −1.

H(−1) = −(−1)NH(−1) = −H(−1) = 0

Note that all linear FIR filters with an odd length must have either no zero or an even number of zeros

at +1 and −1 (because N is even), while all linear FIR filters with an even length must have an odd

number of zeros at +1 and −1 (since N is odd).

The four cases of linear FIR filters differ in the distribution of zeros at +1 and −1. Specifically:

• Type 1 filters: have no zero or an even number of zeros at +1 and −1 (N is even).

• Type 2 filters: have no zero or an even number of zeros at +1 and an odd number of zeros at −1
(N is odd).

• Type 3 filters: have an odd number of zeros at +1 and an odd number of zeros at −1 (N is even).

• Type 4 filters: have an odd number of zeros at +1 and no zero or an even number of zeros at −1
(N is odd).

Filters of Type 3 and 4 must have an odd number of zeros at +1.This is because the factor associated

with a zero at +1 is (1 − z−1), which imparts antisymmetry to the polynomial. Similarly, Filters of Type

2 and 3 must have an odd number of zeros at −1 (associated with the factor (1 + z−1)) to achieve the

desired value of N – whether odd or even – ensuring the symmetry or antisymmetry of the polynomial.

The zeros in the four cases are the following:

Type 1 Type 2
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Type 3 Type 4

Type 1 filters can be used to implement any kind of filters, including lowpass, highpass, passband,

and stopband filters. Type 2 filters have H(ejπ) = 0, making them suitable for implementing lowpass

and passband filters but not highpass or stopband filters. Type 3 filters with H(ejπ) = H(ej0) = 0 are

unsuitable for lowpass, highpass, and stopband filters, but they can be used for passband filters. Type 4

filters with H(ej0) = 0 cannot be used for implementing lowpass or stopband filters, but they are suitable

for highpass or passband filters.

IIR filters and linear phase

Let us consider the case of a causal IIR filter described by a finite difference equation:

H(z) =
b0 + b1z

−1 + b2z
−2 + . . .+ bMz−M

a0 + a1z−1 + a2z−2 + . . .+ aNz−N
=

B(z)

A(z)

We have observed that in the case of FIR filters, the linear phase condition manifests as the mirror

image symmetry of the zeros. The same criterion could be applied to derive IIR filters with linear phase.

If A(z) and B(z) are mirror image polynomials, then H(z) exhibits linear phase. Unfortunately, the zeros

of A(z) are the poles of the system and, if the poles satisfy the mirror image symmetry property, the

system is unstable. This is because for every pole inside the unit circle, there must be a pole outside

the unit circle. IIR filter design cannot overlook the need to ensure filter stability. Therefore, we shall

content ourselves only with approximating linear phase in the filter passband.

07.05 Geometric interpretation of frequency response

computation

In the following, we will study various examples of FIR and IIR basic filters. For these filters, using the

geometric interpretation of frequency response computation, it is very easy to plot amplitude response

or phase response diagrams based on the knowledge of pole and zero locations. Let us consider an

IIR filter with a transfer function

H(z) =
b0 + b1z

−1 + . . .+ bMz−M

1 + a1z−1 + . . .+ aNz−N
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where for simplicity we have set a0 = 1.

H(z) = b0 ·
(1− z1z

−1) · (1− z2z
−1) · . . . · (1− zMz−1)

(1− p1z−1) · (1− p2z−1) · . . . · (1− pNz−1)
=

= b0 · zN−M · (z − z1) · (z − z2) · . . . · (z − zM )

(z − p1) · (z − p2) · . . . · (z − pN )

where z1, . . . , zM are the system zeros and p1, . . . , pN are the system poles.

The frequency response of the system is

H(ejω) = b0 · ejω(N−M) (e
jω − z1) · (ejω − z2) · . . . · (ejω − zM )

(ejω − p1) · (ejω − p2) · . . . · (ejω − pN )
.

The amplitude response and the phase response are given, respectively, by

|H(ejω)| = |b0| ·
|ejω − z1| · |ejω − z2| · . . . · |ejω − zM |
|ejω − p1| · |ejω − p2| · . . . · |ejω − pN |

,

argH(ejω) = arg b0 + ω(N −M) + arg(ejω − z1) + arg(ejω − z2) + . . .+ arg(ejω − zM )

− arg(ejω − p1)− arg(ejω − p2)− . . .− arg(ejω − pN ).

If we examine the frequency response we can notice that the typical factor is

(ejω − λ)

with λ = zi or λ = pi. If we interpret this factor on the complex plane we have that:

ejω is a point on the unit circle,

λ is the zero or pole position,

ejω − λ is the vector from λ to ejω.

For ω that goes from 0 to 2π this vector varies in amplitude and phase. From the position of the two

points, we can immediately obtain its amplitude and phase behavior. |ejω−λ| has minimum value when

ω = arg λ, and has maximum value when ω = arg λ+ π.

The amplitude response |H(ejω)| is given by the product of the modulus of all vectors associated with

the zeros, divided by the modulus of all vectors related to the poles, multiplied by the modulus of b0.

The phase response argH(ejω) is given by the phase of b0, plus ω(N−M), plus the phase of all vectors

associated with the zeros, minus the phase of all vectors associated with the poles.

When designing a filter that should attenuate a certain frequency range, we shall locate the zeros

close to the unit circle around this frequency range. On the contrary, if we have to emphasize certain

frequency components of the signal, we shall locate the poles around this frequency range (indeed, the

amplitude response maxima correspond to the vectors z − pi minima).
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07.06 Simple digital filters

Lowpass FIR filter

The most simple lowpass filter is the filter that computes the average between samples. Let us consider

y(n) =
1

2
(x(n) + x(n− 1))

Y (z) =
1

2

(
X(z) + z−1X(z)

)
H0(z) =

1

2
(1 + z−1) =

1

2

z + 1

z

This is an FIR filter with a zero at z = −1 and a pole at z = 0. The vector ejω − λ related to the pole has

always unit amplitude. The vector related to the zero has maximum amplitude for ω = 0 (with amplitude

2) and then its amplitude decreases to 0 as ω goes from 0 to π. The filter is symmetric, and thus its

phase is linear.

H0(e
jω) =

1

2
(1 + e−jω) =

1

2
e−jω/2(ejω/2 + e−jω/2) = e−jω/2 · cos(ω

2
).

Of particular interest is the frequency ωc for which

|H0(e
jωc)| = 1√

2
|H0(e

jω)|MAX =
1√
2
|H0(e

j0)|

Let us consider the gain in dB (i.e., the amplitude in dB):

G(ωc) = 20 log10 |H0(e
jωc)| =

= 20 log10 |H0(e
j0)| − 20 log10(

√
2) =

= 0− 3.0103 ≃ −3dB.

Thus, the frequency ωc is called the 3dB cutoff frequency, because the gain has reduced by 3dB com-

pared with the maximum value.
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Imposing,

|H0(e
jωc)|2 = cos2

ωc

2
=

1

2

we obtain ωc =
π
2 .

Highpass FIR filter

The most simple highpass filter can be obtained by replacing z with −z in the previous transfer function:

H1(z) = H0(−z).

If we consider the geometric interpretation of the frequency response, we can understand that with this

variable change H1(z) has for z = 1 (i.e., for ω = 0) the same behavior of H0(z) for z = −1 (i.e., for

ω = π), and H1(z) has for z = −1 (i.e., for ω = π) the same behavior of H0(z) for z = +1 (i.e., for ω = 0).

H1(z) =
1

2
(1− z−1)

H1(e
jω) = je−jω/2 sin(

ω

2
)

Also in this case the 3dB cutoff frequency falls at ωc =
π
2 .

We can obtain FIR lowpass or highpass filters with a narrower passband by cascading a certain number

of these elementary filters. By considering the cascade of M lowpass filters H0(e
jω), the resulting

frequency response is H(ejω) = HM
0 (ejω) and the 3dB cutoff frequency is given for

|H(ejωc)| = |H0(e
jωc)|M =

1√
2
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i.e., for

|H0(e
jωc)| = 2−1/(2M)

cos
(ωc

2

)
= 2−

1
2M

ωc = 2arccos
(
2−

1
2M

)
.

IIR Lowpass filter

A lowpass filter of the first order has a transfer function:

HLP(z) =
1− α

2

1 + z−1

1− αz−1
,

where |α| < 1 for the stability of the system.

The filter has a zero at z = −1 and a pole at z = α.

In the geometric interpretation of the frequency response computation, we see that for ω going from 0

to π the vector ejω− (−1) decreases from 2 to 0. On the contrary, the vector ejω−α for α > 0 increases

from 1−α till 1+α. The maximum value and the minimum value of the frequency response are obtained

for ω = 0 and ω = π, respectively.

HLP(e
j0) = 1 HLP(e

jπ) = 0

|HLP(e
jω)|2 =

(1− α)2

4
· (1 + ejω)(1 + e−jω)

(1− αejω)(1− αe−jω)
=

=
(1− α)2

4
· 1 + ejω + e−jω + 1

1− αejω − αe−jω + α2
=

=
(1− α)2

2
· 1 + cos(ω)

1− 2α cos(ω) + α2

d|HLP(e
jω)|2

dω
=

(1− α)2

2
·
− sin(ω)

(
1 + α2 − 2α cos(ω)

)
− (1 + cos(ω)) (2α sin(ω))

(1− 2α cos(ω) + α2)
2 =

=
(1− α)2

2
· − sin(ω)(1 + α)2

(1− 2α cos(ω) + α2)
2 .

For 0 ≤ ω ≤ π the derivative is always negative and, thus, the amplitude response decreases monoton-

ically.

The 3dB cutoff frequency is obtained for |HLP(e
jω)|2 = 1

2 .

(1− α)2

2
· 1 + cos(ωc)

1− 2α cos(ωc) + α2
=

1

2
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(1− α)2 (1 + cos(ωc)) = 1 + α2 − 2α cos(ωc)

(1− 2α+ α2) cos(ωc) + 2α cos(ωc) = 1 + α2 − (1− α)2

cos(ωc) =
2α

1 + α2

If we want a lowpass filter with an assigned cutoff frequency ωc, we have to solve the previous equation

for α. It can be proved that the only stable solution is

α =
1− sin(ωc)

cos(ωc)

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

IIR Highpass filter

An order 1 IIR highpass filter is given by

HHP(z) =
1− α

2

1− z−1

1 + αz−1

where it must be |α| < 1 for stability.

This filter has been obtained from the previous lowpass filter by replacing z with −z:

HHP(z) = HLP(−z)

Thus, the same properties of the previous filter hold, apart from a frequency shift of π in the frequency

response:

HHP(e
jω) = HLP(e

j(ω+π)).

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)
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IIR Bandpass filter

In order to obtain bandpass or bandstop filters, we must consider at least second-order filters.

A bandpass filter of the second order is given by the following transfer function:

HBP(z) =
1− α

2

1− z−2

1− β(1 + α)z−1 + αz−2

The squared amplitude response is

|HBP(e
jω)|2 =

(1− α)2 (1− cos(2ω))

2 [1 + β(1 + α)2 cos(ω) + 2α cos(2ω)]

which is 0 for ω = 0 and ω = π and assumes the maximum value 1 for ω = ω0, called center frequency

for the bandpass filter, where

cos(ω0) = β

ω0 = arccos(β)

The frequencies ωc1 and ωc2 for which |HBP(e
jω)|2 = 1

2 are called 3dB cutoff frequencies and their

difference ωc2 − ωc1 is called 3dB bandwidth. It can be proved that

B3dB = ωc2 − ωc1 = arccos

(
2α

1 + α2

)
.

Thus, β controls the center frequency, while α controls the bandwidth.

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

IIR Bandstop filter

An second order IIR bandstop filter is given by the following transfer function

HBP(z) =
1 + α

2

1− 2βz−1 + z−2

1− β(1 + α)z−1 + αz−2

The amplitude response for different values of α and β is given by:
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(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

This filter is also called a notch filter.

Also in this case α and β separately control the stopband bandwidth and the notch position. The notch

frequency is

ω0 = arccos(β)

and the stopband bandwidth is

BI3dB = arccos

(
2α

1 + α2

)
.

Higher order IIR filters

By cascading a certain number of filters like the ones we have just introduced, it is possible to obtain

filters with steeper rising and falling edges in the frequency domain, i.e., filters with smaller transition

bands.

For example, consider the cascade of K IIR lowpass filters:

HLP(z) =
1− α

2

1 + z−1

1− αz−1
,

for which we have seen cos(ωc) =
2α

1 + α2
.

In the filter cascade, the resulting transfer function is

GLP(z) =

(
1− α

2

1 + z−1

1− αz−1

)K

|GLP(e
jω)|2 =

[
(1− α)2(1 + cos(ω))

2(1 + α2 − 2α cos(ω))

]K
The 3dB cutoff frequency can be obtained by setting

|GLP(e
jω)|2 =

1

2
.

By imposing a certain ωc and solving this equation for α, we obtain that the only stable solution is

α =
1 + (1− C) cos(ωc)− sin(ωc)

√
2C − C2

1− C + cos(ωc)

with C = 2
K−1
K .
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Example: Let us design a filter with 3dB cutoff frequency ωc = 0.4π.

For K = 1, C = 1, it is α = 0.1584.

For K = 4, C = 1.6818, it is α = −0.251.

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)
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07.07 Comb filters

The filters we have seen up to this point have been characterized by a single passband and/or stopband.

However, there are several applications where filters with multiple passbands or stopbands are required.

Comb filters are an example of such filters.

Comb filters have a periodic frequency response with a period of 2π
L , where L is a positive integer. If

H(z) is a transfer function with a single passband and/or stopband, a comb filter can be easily generated

by replacing each delay element with L delays, resulting in a transfer function G(z) = H(zL).

If |H(ejω)| has a peak at ω = ωp, then |G(ejω)| has L peaks at ω =
ωp

L + 2π
L k where 0 ≤ k ≤ L− 1, and

0 ≤ ω ≤ 2π.

Similarly, if |H(ejω)| has a notch at ω = ω0, then |G(ejω)| has L notches at ω = ω0

L + 2π
L k where

0 ≤ k ≤ L− 1, and 0 ≤ ω ≤ 2π.

For example, if we consider

H(z) =
1

2

(
1 + z−1

)
G(z) =

1

2

(
1 + z−L

)
and for L = 4, the magnitude response is

Similarly, if we consider

H(z) =
1

2

(
1− z−1

)
G(z) =

1

2

(
1− z−L

)
the magnitude response for L = 4 is
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It is easy to understand the behavior of the frequency response G(ejω) from the frequency response

H(ejω) because

G(ejω) = H(ejωL).

By varying ω from 0 to 2π, ejω moves along the unit circle L times, and therefore, the frequency response

G(ejω) coincides with H(ejω) (which is periodic with period 2π), apart from a frequency axis scaling by

a factor of 1
L .

07.08 All-pass filters

By definition, a transfer function is called all-pass if the amplitude response is constant (i.e., one) for all

frequencies, that is, if

|A(ejω)| = 1 ∀ω

An all-pass causal transfer function with real coefficients is given by

AM (z) =
dM + dM−1z

−1 + . . .+ d1z
−M+1 + d0z

−M

d0 + d1z−1 + . . .+ dM−1z−M+1 + dMz−M

If we call the denominator polynomial DM (z),

DM (z) = d0 + d1z
−1 + . . .+ dM−1z

−M+1 + dMz−M

we have

AM (z) = z−M DM (z−1)

DM (z)
.

Note that the denominator polynomial is the mirror image polynomial of the numerator, and vice versa.

If z = rejθ is a pole of the transfer function, then z = 1
r e

−jθ is a zero. Thus, poles and zeros of an

all-pass filter exhibit mirror-image symmetry in the z-plane. By assuming that A(z) is a stable transfer

function, the poles must be inside the unit circle and the zeros outside the unit circle.

Let us prove that AM (z) = z−M DM (z−1)
DM (z) is an all-pass transfer function. Consider

AM (z−1) = zM
DM (z)

DM (z−1)

AM (z) ·AM (z−1) = z−M DM (z−1)

DM (z)
· zM DM (z)

DM (z−1)
= 1
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Then,

AM (ejω) ·AM (e−jω) = |AM (ejω)|2 = 1

Q.E.D.

It is interesting to observe the phase behavior for 0 ≤ ω ≤ 2π.

With the geometric interpretation of the phase response, as ω varies from 0 to 2π, the zeros cause

phase fluctuations, but the overall phase variation is 0. Conversely, each pole contributes a phase of

−2π. Overall, the phase varies from 0 to −2πM , as ω varies between 0 and 2π. In other words, for ω

varying between 0 and π, the phase varies from 0 to −πM .

07.09 Minimum-phase and maximum-phase transfer functions

Another useful classification of transfer functions is based on the behavior of the phase response. Let

us consider the following two first-order transfer functions with real coefficients:

H1(z) =
z + b

z + a

H2(z) =
bz + 1

z + a

with |a| < 1 and |b| < 1.
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As we can see, both transfer functions have a pole inside the unit circle at −a, indicating stability. On

the other hand, the zero of H1(z) falls inside the unit circle (at z = −b), while the zero of H2(z) falls

outside the unit circle at z = − 1
b .

The two transfer functions have the same amplitude response because

H2(z) = H1(z) ·
bz + 1

z + b
= H1(z) ·A(z)

with A(z) all-pass. Thus,

H1(e
jω) ·H1(e

−jω) =
∣∣H1(e

jω)
∣∣2 = H2(e

jω) ·H2(e
−jω) =

∣∣H2(e
jω)
∣∣2

but they have different phase responses:

arg
[
H1(e

jω)
]
= θ1(ω) = arctan

sin(ω)

b+ cos(ω)
− arctan

sin(ω)

a+ cos(ω)

arg
[
H2(e

jω)
]
= θ2(ω) = arctan

b sin(ω)

1 + b cos(ω)
− arctan

sin(ω)

a+ cos(ω)

arg
[
H2(e

jω)
]
= arg

[
H1(e

jω)
]
+ arg

[
A(ejω)

]
For ω ranging from 0 to π, we observe that H2(e

jω) undergoes a phase variation of −π, while H1(e
jω)

undergoes no phase variation, i.e., H2(e
jω) exhibits an excess phase variation compared to H1(e

jω). In

general, for ω ranging from 0 to π, a causal and stable transfer function with all zeros outside the unit

circle experiences an excess phase variation compared to a causal and stable transfer function with the

same amplitude response but with all zeros inside the unit circle. Consequently, a transfer function with

all zeros inside the unit circle is termed a minimum-phase transfer function, while if all zeros lie outside

the unit circle, it is termed a maximum-phase transfer function.
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07.10 Inverse system

Two LTI systems with impulse response h1(n) and h2(n) are inverses of each other if

h1(n)⊛ h2(n) = δ(n),

i.e., if their convolution is the unit impulse function, indicating that the cascade of the two systems (in

any order) results in the identity system.

Let us characterize the inverse system (or the inverse filter) in the frequency domain. By taking the

Z-transform of both sides of the equality, we have

H1(z) ·H2(z) = 1,

which implies

H2(z) =
1

H1(z)

and if H1(z) is rational,

H1(z) =
N(z)

D(z)
=⇒ H2(z) =

D(z)

N(z)
,

thus H2(z) is also rational, and the poles (zeros) of the inverse filter are the zeros (poles) of H1(z).

Assuming the inverse system to be causal, it will be stable if and only if H1(z) is minimum-phase.

Note that by relinquishing the assumption of causality for the inverse filter, the inverse filter is not unique.

For example, consider the causal system

H1(z) =

(
z − 1

4

) (
z + 1

5

)(
z + 1

8

) (
z − 1

7

)
with R.O.C.: |z| > 1

7
The inverse filter has a transfer function

H2(z) =

(
z + 1

8

) (
z − 1

7

)(
z − 1

4

) (
z + 1

5

)
with three possible R.O.C.: (i) |z| < 1

5
, (ii)

1

5
< |z| < 1

4
, (iii) |z| > 1

4
. Each region of convergence

corresponds to a different inverse system. Only the last R.O.C. corresponds to a causal system.

07.11 Deconvolution

If a system has a known causal impulse response h(n) and it is excited by a causal input signal x(n),

then, from the knowledge of the output signal y(n) for n ≥ 0, we can estimate the input signal x(n) using

a recursive relation without the need to evaluate the inverse system. In fact, it is

y(n) =

n∑
m=0

h(m)x(n−m).

Let us assume h(0) ̸= 0,

© 2024 Alberto Carini 152/600



Digital Signal and Image Processing
07.12 Amplitude equalizer and phase equalizer

Computer Engineering
University of Trieste

y(0) = h(0)x(0) =⇒ x(0) =
y(0)

h(0)

y(1) = h(0)x(1) + h(1)x(0) =⇒ x(1) =
y(1)− h(1)x(0)

h(0)

y(2) = h(0)x(2) + h(1)x(1) + h(2)x(0) =⇒ x(2) =
y(2)− h(1)x(1)− h(2)x(0)

h(0)

y(n) =

n∑
m=0

h(m)x(n−m) =⇒ x(n) =

y(n)−
n∑

m=1

h(m)x(n−m)

h(0)
.

This procedure, which estimates the input signal x(n) from the convolution sum, is called deconvolution.

07.12 Amplitude equalizer and phase equalizer

Given a system H(z), a filter G(z) whose amplitude response |G(ejω)| satisfies the following condition

|G(ejω)| = |H(ejω)|−1 ∀ω ∈ [ω1, ω2]

is called an amplitude equalizer for the system H(z) in band [ω1, ω2].

Given a system H(z), a filter P (z) whose phase response argP (ejω) satisfies the following condition

argP (ejω) = − argH(ejω)−Kω ω ∈ [ω1, ω2],

with K ∈ R, is called a phase equalizer for the system H(z) in band [ω1, ω2].
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(in this case K = 0)
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07.13 Stability test for IIR filters

We have seen that a causal IIR filter, described by a finite difference equation or by a rational transfer

function, is stable in the BIBO sense if and only if its poles fall inside the unit circle. There exist stability

tests that do not require the estimation of the poles.

07.13.1 The stability triangle

For real coefficient IIR filters of second order, we can easily determine if the filter is stable from the

coefficients of the denominator. Consider the polynomial

D(z) = z2 + a1z + a2 = (z − z1)(z − z2)

z1,2 = −a1
2
±
√

a21 − 4a2
4

and thus

a2 = z1 · z2

a1 = −(z1 + z2)

We can prove that the roots z1 and z2 fall inside the unit circle if and only if

|a2| < 1,

|a1| < 1 + a2.

In fact, if the zeros are complex conjugate the condition |a2| < 1 is necessary and sufficient for stability.

If the zeros are real: a21 − 4a2 ≥ 0 and it is still necessary that |a2| < 1.

|z1,2|max =
|a1|
2

+

√
a21 − 4a2

4
,

from which, if |a2| < 1, the filter is stable if and only if |a1| < 1 + a2.

In fact, if
|a1|
2

+

√
a21 − 4a2

4
< 1

then √
a21 − 4a2

4
< 1− |a1|

2

a21 − 4a2
4

< 1− |a1|+
a21
4

−a2 < 1− |a1|

|a1| < 1 + a2.

Conversely, if |a1| < 1 + a2 then

|z1,2|max <
1 + a2

2
+

√
(1 + a2)2 − 4a2

4
= 1
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On the plane a1, a2, the region of points for which the filter is stable is a triangle, called the stability

triangle.

07.13.2 Schur-Cohn stability test

The Schur-Cohn stability test can be applied to polynomials of any order. Let us consider:

DM (z) =

M∑
i=0

diz
−i = 1 + d1z

−1 + . . .+ dMz−M

with d0 = 1 for simplicity. Let us take the mirror image polynomial,

D̃M (z) = z−MDM (z−1) = z−M
M∑
i=0

diz
i =

= dM + dM−1z
−1 + . . .+ d1z

−M+1 + z−M ,

and let us build the all-pass filter

AM (z) =
D̃M (z)

DM (z)

If DM (z) =

M∏
i=1

(
1− λiz

−1
)
, with λi the filter poles, then

dM =

M∏
i=1

λi(−1)M .

Thus, if we call KM = dM , a necessary condition for the all-pass filter stability is that

|KM | < 1.
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Let us assume |KM | < 1 and let us build the all-pass filter

AM−1(z) = z ·
[
AM (z)−KM

1−KMAM (z)

]
= z · D̃M (z)− dMDM (z)

DM (z)− dM D̃M (z)
=

= z · (dM − dM · 1) + (dM−1 − dMd1)z
−1 + . . .+ (1− d2M )z−M

(1− d2M ) + (d1 − dMdM−1)z−1 + . . .+ (dM − dM · 1)z−M
=

=
(dM−1 − dMd1) + . . .+ (1− d2M )z−M+1

(1− d2M ) + (d1 − dMdM−1)z−1 + . . .+ (dM−1 − dMd1)z−M+1
.

It can be proved that the all-pass filter AM (z) is BIBO stable if and only if |KM | < 1 and AM−1(z) is

BIBO stable.

Proof:

The proof is based on the fact that if the real-coefficients all-pass filter AM (z) is stable then:

|AM (z)| = 1 for |z| = 1,

|AM (z)| < 1 for |z| > 1,

|AM (z)| > 1 for |z| < 1.

We have already seen that the condition |KM | < 1 is necessary for the stability.

In the hypothesis that |KM | < 1 and that AM (z) is stable, let us prove that AM−1(z) is stable.

If λ0 is a pole of AM−1(z) then λ0 is a root of the equation

DM (z)−KM D̃M (z) = 0

i.e., AM (λ0) =
D̃M (λ0)

DM (λ0)
=

1

KM
. Since |KM | < 1, |AM (λ0)| > 1, and λ0 must fall inside the unit circle

because of the stability of AM (z).

Let us prove that AM (z) is stable when |KM | < 1 and AM−1(z) is stable.

But if λ0 is a pole of AM (z), DM (λ0) = 0,

AM−1(λ0) = −λ0
D̃M (λ0)

KM D̃M (λ0)
= − λ0

KM

Since |KM | < 1,
∣∣∣∣ 1λ0
·AM−1(λ0)

∣∣∣∣ > 1, and

|AM−1(λ0)| > |λ0|

If for absurd we assume |λ0| > 1, we also have |AM−1(λ0)| > 1, which contradicts the hypothesis of

stability of AM−1(z). Thus, it must be |λ0| < 1. Q.E.D.

The test procedure can be repeated. Let us consider:

AM−1(z) =
d′M−1 + d′M−2z

−1 + . . .+ d′1z
−M+2 + z−M+1

1 + d′1z
−1 + . . .+ d′M−1z

−M+1

with

d′i =
di − dMdM−i

1− d2M
=

di −KMdM−i

1−K2
M
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Let us set KM−1 = d′M−1 and build

AM−2(z) = z · AM−1(z)−KM−1

1−KM−1AM−1(z)

the filter AM (z) is stable if and only if |KM | < 1, |KM−1| < 1, and AM−2(z) is stable.

By iterating this procedure M − 1 times, given the coefficients KM , KM−1, . . . , K1 associated with

the all-pass filters AM (z), AM−1(z), . . . , A1(z), the all-pass filter AM (z) is stable (and the polynomial

DM (z) has all its roots inside the unit circle) if and only if

|Ki| < 1 ∀i.

For exercise, let’s ascertain whether the polynomial D4(z),

D4(z) = 1 +
1

3
z−1 − 2

15
z−2 − 1

3
z−3 +

1

3
z−4,

has roots inside the unit circle.

We apply the Schur-Cohn stability test. To apply the method it suffices to remember that the denomina-

tor of AM−1(z) is given by [DM (z)−KM D̃M (z)]/(1−K2
M ).

K4 =
1

3
, and 1−K2

4 = 1− 1
9 = 8

9 .

D3(z) = [D4(z)−K4D̃4(z)]/(1−K2
4 ) =

=

[
1 +

1

3
z−1 − 2

15
z−2 − 1

3
z−3 +

1

3
z−4 − 1

3

(
1

3
− 1

3
z−1 − 2

15
z−2 +

1

3
z−3 + z−4

)]
/
8

9
=

=

[(
1− 1

9

)
+

(
1

3
+

1

9

)
z−1 +

(
− 2

15
+

2

45

)
z−2 +

(
−1

3
− 1

9

)
z−3 +

(
1

3
− 1

3

)
z−4

]
/
8

9
=

=

[
8

9
+

4

9
z−1 − 4

45
z−2 − 4

9
z−3

]
/
8

9
=

= 1 +
1

2
z−1 − 1

10
z−2 − 1

2
z−3.

K3 = −1

2
, 1−K2

3 =
3

4
D2(z) = [D3(z)−K3D̃3(z)]/(1−K2

3 ) =

=

[
1 +

1

2
z−1 − 1

10
z−2 − 1

2
z−3 +

1

2

(
−1

2
− 1

10
z−1 +

1

2
z−2 + z−3

)]
/
3

4
=

=

[(
1− 1

4

)
+

(
1

2
− 1

20

)
z−1 +

(
− 1

10
+

1

4

)
z−2 +

(
−1

2
+

1

2

)
z−3

]
/
3

4
=

=

[
3

4
+

9

20
z−1 +

3

20
z−2

]
/
3

4
=

= 1 +
3

5
z−1 +

1

5
z−2.

K2 =
1

5
, 1−K2

2 =
24

25
D1(z) = [D2(z)−K2D̃2(z)]/(1−K2

2 )

=

[
1 +

3

5
z−1 +

1

5
z−2 − 1

5

(
1

5
+

3

5
z−1 + z−2

)]
/
24

25
=

=

[(
1− 1

25

)
+

(
3

5
− 3

25

)
z−1 +

(
1

5
− 1

5

)
z−2

]
/
24

25
=

=

[
24

25
+

12

25
z−1

]
/
24

25
=
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= 1 +
1

2
z−1.

K1 =
1

2
.

Since K1, K2, K3, and K4 have absolute value less than 1, the polynomial has roots inside the unit

circle.

For exercise, write a Matlab function that, given the vector of the polynomial coefficients, computes the

reflection coefficients Ki of the Schur-Cohn method.

For more information study:
S. K. Mitra, ”Digital Signal Processing: a computer based approach,” 4th edition, McGraw-Hill, 2011

Chapter 4.9, pp. 185-188

Chapter 7.1, pp. 333-335

Chapter 7.2.1, pp. 342-344

Chapter 7.3, pp. 349-360

Chapter 6.7.3-6.7.4, pp. 312-315

Chapter 7.2.3, pp. 346-349

Chapter 7.6, pp. 385-388

Chapter 7.9, pp. 394-399
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08 Digital filter structures

08.01 Basic building blocks

Let us consider an IIR filter described by the finite difference equation

y(n) =

M∑
k=0

bkx(n− k)−
N∑

k=1

aky(n− k)

thus with transfer function

H(z) =

M∑
k=0

bkz
−k

1 +

N∑
k=1

akz
−k

.

In the following sections, we will explore various methods for implementing both IIR filters and FIR

filters. The finite difference equation can be broken down into an equivalent set of finite difference

equations. Furthermore, the transfer function can be decomposed into the sum or product of several

simpler transfer functions. From any of these sets of equations or transfer functions, we can construct

different block diagrams representing the hardware or software operations required to implement the

system. Each of these block diagrams is termed a ’realization’ of the system or an implementation

structure for the system.

The fundamental building blocks of our block diagrams essentially consist of four elements:

• multiplier,

• adder,

• pick-off node,
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• unit delay.

The various realizations of a system differ in computation complexity (the number of arithmetic opera-

tions required to compute the output) and memory requirements (necessary to store the system param-

eters, input, and output values). Although they are all equivalent when we work with infinite precision

arithmetic, they exhibit different properties when working with finite precision arithmetic.

08.02 FIR filter structures

y(n) =

M−1∑
k=0

bkx(n− k)

H(z) =

M−1∑
k=0

bkz
−k

h(n) =

{
bn 0 ≤ n ≤M − 1

0 elsewhere

08.02.1 Direct form realization

It directly implements the non-recursive finite difference equation:

y(n) =

M−1∑
k=0

bkx(n− k) =

M−1∑
k=0

h(k)x(n− k).

The block diagram is the following:

This structure requires M − 1 unit delay elements, M constant multipliers, and M − 1 adders.
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The filter is also referred to as a transversal filter or tapped delay line due to its particular structure.

When the FIR filter has linear phase (i.e., it is symmetric or anti-symmetric), the structure can be further

simplified. Let us consider, for example, a symmetric filter with M odd:

y(n) = h(0)x(n) + h(1)x(n− 1) + . . .+ h(M − 2)x(n−M + 2) + h(M − 1)x(n−M + 1) =

= h(0)[x(n) + x(N −M + 1)] + h(1)[x(n− 1) + x(n−M + 2)] + . . .+ h(
M − 1

2
)x(n− M − 1

2
),

which can be realized with the following structure:

For these systems, the number of products reduces to
M + 1

2
for M odd and

M

2
for M even, while the

number of adders and delay elements remains the same.

08.02.2 Cascade realization

The cascade realization is achieved by factorizing the transfer function H(z) using transfer functions of

second or first order:

H(z) =

K∏
k=1

Hk(z),

Hk(z) = bk0 + bk1z
−1 + bk2z

−2,

with k = 1, 2, . . . ,K, and K is the smallest integer greater than or equal to
M − 1

2
.

To determine the zeros of Hk(z), the zeros of H(z) are paired together. Naturally, if the transfer func-

tion has real coefficients, it is preferable to pair complex-conjugate zeros together, ensuring that the

coefficients bki are also real. Real zeros of H(z) can be grouped together in any order.
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08.02.3 Frequency-sampling structure

This is a realization of FIR filters where the filter parameters are determined by the desired values of

the frequency response.

To derive this structure, we specify the desired values of the frequency response at M uniformly spaced

points on the unit circle (where M is the filter length), denoted as ejωk , with:

ωk =
2π

M
k, k = 0, . . . ,M − 1,

and then compute the impulse response h(n) from these values.

The frequency response is given by

H(ejω) =

M−1∑
n=0

h(n)e−jωn

and for ω = 2π
M k = ωk,

H(ejωk) =

M−1∑
n=0

h(n)e−j 2π
M kn

which is the DFT on M points of the impulse response. Thus, computing the IDFT

h(n) =
1

M

M−1∑
k=0

H(ejωk)ej
2π
M kn

Let’s substitute these values into the transfer function expression:

H(z) =

M−1∑
n=0

h(n)z−n =

M−1∑
n=0

[
1

M

M−1∑
k=0

H(ejωk)ej
2π
M kn

]
z−n

=

M−1∑
k=0

H(ejωk)

M

[
M−1∑
n=0

ej
2π
M knz−n

]
=

=

M−1∑
k=0

H(ejωk)

M

1− z−M

1− ej
2π
M kz−1

=
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= (1− z−M ) ·
M−1∑
k=0

H(ejωk)/M

1− ej
2π
M kz−1

This transfer function is characterized by the frequency domain samples, rather than the impulse re-

sponse samples.

We can then implement the FIR filter as the cascade of two systems:

H(z) = H1(z) ·H2(z),

where

H1(z) = 1− z−M ,

H2(z) =

M−1∑
k=0

1

1− ej
2π
M kz−1

· H(ejωk)

M
.

H1(z) represents an FIR filter and, specifically, it is a comb filter with M zeros uniformly spaced on the

unit circle:

zk = ej
2π
M k k = 0, . . . ,M − 1.

H2(z) is a filter bank comprising a parallel connection of M filters, each having a single pole, and the

M poles are again uniformly spaced on the unit circle:

pk = ej
2π
M k k = 0, . . . ,M − 1.

Given a certain desired frequency response, we can implement it directly with the following filter struc-

ture:

This realization is particularly advantageous for narrow bandpass filters, where H(ejωk) = 0 for many

values of k. In such cases, many branches are not implemented, leading to more efficient utilization of

resources.
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This structure implements filters with complex coefficients. In the case of filters with real coefficients:

H(ejωk) = H∗(ejωM−k)

and consequently, the structure can be simplified by combining the complex conjugate branches.

Moreover, it’s worth noting that with this structure, we implement an FIR filter through the cascade of an

FIR filter (the comb filter) and an IIR filter.

08.02.4 Lattice structure

Another structure for implementing FIR filters is the lattice structure, commonly employed in audio pro-

cessing and adaptive filtering applications.

The structure consists of a cascade of M stages:

where each stage is given by:
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and it implements a filter with the transfer function:

HM (z) = 1 + αM (1)z−1 + αM (2)z−2 + . . .+ αM (M)z−M = 1 +

M∑
k=1

αM (k)z−k

where M is the polynomial degree, equal to the number of stages

Studying a block diagram and obtaining a description of the system in terms of finite difference equations

is a straightforward process. The following procedure can be followed:

1. Assign names to the block diagram inputs and outputs, as well as to all delay element inputs.

2. Write a finite difference equation for each delay element input and each output. Each equation

computes the specific delay element input or block diagram output based on the block diagram

inputs and delay element outputs.

3. Simplify the system of finite difference equations if necessary.

Some authors also assign a name (a variable) to each adder and write an equation for each adder, but

this step is optional.

Let us study the block diagram of a lattice filter using this procedure, starting from order 1

f0(n) = x(n)

g0(n) = x(n)

f1(n) = f0(n) +K1g0(n− 1) = x(n) +K1x(n− 1)

g1(n) = g0(n− 1) +K1f0(n) = x(n− 1) +K1x(n)

(Note that the output of the delay element is g0(n− 1)).

Thus, the first-order lattice filter is an FIR filter of order 1 with a length of 2. Moreover, if we consider the

two transfer functions:
F1(z)

X(z)
= 1 +K1z

−1 = D1(z)

G1(z)

X(z)
= z−1 +K1 = D̃1(z)

we observe that D̃1(z) is the mirror image polynomial of D1(z), i.e., D̃1(z) = z−1 ·D1(z
−1).

Similarly, if we consider a lattice filter of the second order, we also have the following equations:

f2(n) = f1(n) +K2g1(n− 1) = x(n) +K1x(n− 1) +K2 (x(n− 2) +K1x(n− 1)) =
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= x(n) + (K1 +K2K1)x(n− 1) +K2x(n− 2)

g2(n) = g1(n− 1) +K2f1(n) = x(n− 2) +K1x(n− 1) +K2 (x(n) +K1x(n− 1)) =

= K2x(n) + (K1 +K1K2)x(n− 1) + x(n− 2),

which represents two filters of order 2 with a length of 3.

F2(z)

X(z)
= 1 + (K1 +K2K1) z

−1 +K2z
−2 = D2(z)

G2(z)

X(z)
= K2 + (K1 +K2K1) z

−1 + z−2 = D̃2(z)

where D2(z) and D̃2(z) are again a pair of mirror-image polynomials.

We can prove by induction that a lattice filter of order m is an FIR filter of order m, with a length of m+1,

and that the two transfer functions Dm(z) and D̃m(z) form a pair of mirror-image polynomials.

Let us assume

Dm−1(z) = 1 +

m−1∑
k=1

αm−1(k)z
−k =

m−1∑
k=0

αm−1(k)z
−k

D̃m−1(z) = z−(m−1) +

m−1∑
k=1

αm−1(k)z
−(m−1−k) =

m−1∑
k=0

αm−1(k)z
−(m−1−k)

with αm−1(0) = 1. We have
Fm(z)

X(z)
=

Fm−1(z)

X(z)
+Kmz−1Gm−1(z)

X(z)

Dm(z) = Dm−1(z) +Kmz−1D̃m−1(z) =

=

m−1∑
k=0

αm−1(k)z
−k +Kmz−1

m−1∑
k=0

αm−1(k)z
−(m−1−k) =

=

m−1∑
k=0

αm−1(k)z
−k +Kmz−1

m−1∑
k=0

αm−1(m− 1− k)z−k =

=
m∑

k=0

αm(k)z−k

where

αm(0) = αm−1(0) = 1,

αm(k) = αm−1(k) +Kmαm−1(m− k) ∀k = 1, . . . ,m− 1

αm(m) = Km

Gm(z)

X(z)
= z−1Gm−1(z)

X(z)
+Km

Fm−1(z)

X(z)

D̃m(z) = z−1D̃m−1(z) +KmDm−1(z)

Since

D̃m−1(z) = z−(m−1)Dm−1(z
−1)

Dm−1(z) = z−(m−1)D̃m−1(z
−1)
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we have

D̃m(z) = z−1 · z−(m−1)Dm−1(z
−1) +Kmz−(m−1)D̃m−1(z

−1) =

= z−m
(
Dm−1(z

−1) +KmzD̃m−1(z
−1)
)
=

= z−mDm(z−1)

and thus D̃m(z) is the mirror image polynomial of Dm(z). Q.E.D.

Note that

Dm(z) = Dm−1(z) +Kmz−1D̃m−1(z)

D̃m(z) = z−1D̃m−1(z) +KmDm−1(z)

which in matrix form gives [
Dm(z)

D̃m(z)

]
=

[
1 Kmz−1

Km z−1

]
·

[
Dm−1(z)

D̃m−1(z)

]

and, overall,[
DM (z)

D̃M (z)

]
=

[
1 KMz−1

KM z−1

]
·

[
1 KM−1z

−1

KM−1 z−1

]
· . . .

[
1 K1z

−1

K1 z−1

]
·

[
1

1

]

where we considered D0(z) = D̃0(z) = 1.

Given an FIR lattice filter with coefficients K1,K2, . . . ,KM , referred to as reflection coefficients, we can

compute its transfer function by recursively applying the two relations:

Dm(z) = Dm−1(z) +Kmz−1D̃m−1(z)

D̃m(z) = z−mDm(z−1)

with initial conditions D0(z) = D̃0(z) = 1.

Similarly, given the polynomial

Dm(z) = 1 +

m∑
k=1

αm(k)z−k

we can derive the reflection coefficients K1,K2, . . . ,KM using a recursion.

For what we have seen before,

KM = αM (M),

the last coefficient of Dm(z),

KM−1 = αM−1(M − 1),

the last coefficient of Dm−1(z), etc. until

K1 = α1(1).

Thus, we can obtain the reflection coefficients by constructing the polynomials Dm(z).

Since,

D̃m(z) = z−1D̃m−1(z) +KmDm−1(z)

we have

z−1D̃m−1(z) = D̃m(z)−KmDm−1(z)
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From

Dm(z) = Dm−1(z) +Kmz−1D̃m−1(z)

we find

Dm−1(z) = Dm(z)−Kmz−1D̃m−1(z) =

= Dm(z)−Km

(
D̃m(z)−KmDm−1(z)

)
If |Km| ≠ 1,

Dm−1(z) =
Dm(z)−KmD̃m(z)

1−K2
m

.

By applying the last equation we can recursively compute the polynomials Dm(z) and the reflection

coefficients Km:

Algorithm

For m = M till 1

D̃m(z) = z−mDm(z−1)

Km = [zmDm(z)]
∣∣∣
z=0

Dm−1(z) =
Dm(z)−KmD̃m(z)

1−K2
m

End For

Note that the recursive algorithm used for computing the polynomials Dm(z) is the same algorithm used

for the Schur-Cohn stability test.

The recursive procedure works provided that |Km| ̸= 1. If |Km| = 1 for any m, the polynomial DM (z)

has a zero on the unit circle. The lattice structure can still be used for the implementation of the filter,

but all the polynomial factors
(
1 + ejθz−1

)
must be taken out of the transfer function and implemented

with one of the previous structures.
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08.03 IIR filter structures

08.03.1 Direct form realization of IIR filters

The rational transfer function that characterizes the IIR systems considered in practice,

H(z) =

∑M
i=0 biz

−i

1 +
∑N

k=1 akz
−k

,

can be interpreted as the cascade of two systems H1(z) and H2(z),

H(z) = H1(z) ·H2(z)

where H1(z) is an all-zeros system,

H1(z) =

M∑
i=0

biz
−i,

and H2(z) is an all-poles system,

H2(z) =
1

1 +
∑N

k=1 akz
−k

.

Depending on which of the two systems comes first, we obtain two different direct realizations.

In the direct form I realization H1(z) precedes H2(z).

The direct form I realization requires M + N + 1 multiplications, M + N additions, and M + N delay

elements. A more compact structure can be obtained if H2(z) precedes H1(z). If M = N we obtain the

structure depicted in the following figure.
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Note that the delay elements contain the same terms, thus the filter can be realized by combining the

delays.

This realization is called the direct form II realization. Since this realization minimizes the number of

delay elements, it is also referred to as the canonical realization.

Both direct form realizations have been obtained from the transfer function H(z) without any manipula-

tions, hence the name ”direct form” realization. Unfortunately, both realizations are extremely sensitive

to coefficient quantization and are not widely used in practice, except for orders 1 and 2. Indeed,

when N is large, even small changes in the filter coefficients due to quantization can lead to significant

movements of the system’s zeros and poles (and even to the instability of the IIR filter).
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08.03.2 Transposition principle

This principle originates from graph theory and is used to derive additional realization structures.

If we reverse the direction of each branch, exchange the input and output, replace adders with pick-

off nodes, and vice versa, in the block diagram implementing the transfer function H(z), the resulting

structure remains a realization for H(z).

Note that the following exchanges are performed:

Example:

Consider the first-order system of the following block diagram:

y(n) = b1x(n− 1) + b0x(n)− a1y(n− 1)

Y (z) = b1z
−1X(z) + b0X(z)− a1z

−1Y (z)

Y (z)

X(z)
=

b0 + b1z
−1

1 + a1z−1

By applying the transposition principle we obtain the following block diagram.
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Let us verify that it implements the same function. Give a name for each of the delay elements inputs:

w1(n) and w2(n).

y(n) = w2(n− 1) + b0 (x(n) + w1(n− 1))

w2(n) = b1 (x(n) + w1(n− 1))

w1(n) = −a1 (x(n) + w1(n− 1))

Thus,

Y (z) = z−1W2(z) + b0X(z) +B0z
−1W1(z),

W2(z) = b1X(z) + b1z
−1W1(z),

W1(z) = −a1X(z)− a1z
−1W1(z) =

−a1
1 + a1z−1

X(z).

Let us express Y (z) as a function of X(z) by successive substitutions:

W2(z) = b1X(z) + b1z
−1 −a1

1 + a1z−1
X(z).

Y (z) = z−1b1X(z) + b1z
−2 −a1

1 + a1z−1
X(z) + b0X(z) + b0z

−1 −a1
1 + a1z−1

X(z) =

=
z−1b1[1 + a1z

−1]− a1b1z
−2 + b0[1 + a1z

−1]− a1b0z
−1

1 + a1z−1
·X(z) =

=
b1z

−1 + b1a1z
−2 − a1b1z

−2 + b0 + b0a1z
−1 − a1b0z

−1

1 + a1z−1
·X(z) =

=
b0 + b1z

−1

1 + a1z−1
·X(z).

Q.E.D.

Using the transposition principle, we can derive alternative realizations from those we have already

seen.

Given the direct realization of an FIR filter:

with the transposition principle we obtain the following realization:

© 2024 Alberto Carini 173/600



Digital Signal and Image Processing
08.03 IIR filter structures

Computer Engineering
University of Trieste

From the direct form II realization of an IIR filter, we obtain the direct form transposed II realization.

Summarizing, the following realizations are typically used for second-order IIR filters:

Direct form I:

Direct form II:

Direct form II transposed:
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08.03.3 Cascade realization

Let’s assume N ≥M . The IIR transfer function we’ve seen before can be factorized into the product (or

cascade) of second-order transfer functions:

H(z) =

K∏
k=0

Hk(z)

where

Hk(z) =
bk,0 + bk,1z

−1 + bk,2z
−2

1 + ak,1z−1 + ak,2z−2

Note that the coefficient b0 of H(z) can be distributed among the different sections.

If the system H(z) has real coefficients, then the various Hk(z) can also have real coefficients. When

forming the second-order systems, we will group together the complex conjugate poles and zeros.

Conversely, real poles and zeros can be grouped in any order.

If N > M , some of the subsystems will have bk,2 and/or bk,1 equal to zero. Moreover, if N is odd, one

of the subsystems has ak,2 = 0 and bk,2 = 0, meaning it must be of the first order.

Each second-order section can be realized using any of the direct form realizations we have seen

before. Poles and zeros can be grouped in any order, and the second-order sections can have any

order. Despite all these realizations being equivalent with infinite precision arithmetic, their behavior

can differ significantly with finite precision arithmetic.

08.03.4 Parallel form realization

Parallel form realizations of IIR filters are derived from the partial fraction expansion of the transfer

function. In the case of single poles and N ≥M , we have:

H(z) = c+

N∑
k=1

Ak

1− pkz−1

where pk are the poles of H(z), Ak are the coefficients of the partial fraction expansion, and c = bN
aN

(which is non-zero only for M = N ).

In general, if H(z) has real coefficients, some poles could be complex (forming pairs of complex con-

jugate poles). In that case, the coefficients Ak will also be complex and appear in conjugate pairs.

To simplify computations, we can combine the complex conjugate subsystems to obtain real second-

order systems. Additionally, we can combine pairs of branches related to real poles (with any order).

Thus, a structure composed of a parallel combination of second-order sections will be obtained. Each

second-order section has the following form:
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Hk(z) =
bk,0 + bk,1z

−1

1 + ak,1z−1 + ak,2z−2

Example

Let us find the cascade and parallel form realizations of the system described by the transfer function:

H(z) =
10
(
1− 1

2z
−1
) (

1− 2
3z

−1
) (

1 + 2z−1
)(

1− 3
4z

−1
) (

1− 1
8z

−1
) (

1− ( 12 + 1
2j)z

−1
) (

1− ( 12 −
1
2j)z

−1
)

The cascade realization can indeed be easily obtained from the knowledge of zeros and poles. A

possible realization is:

H1(z) =
2
(
1− 1

2z
−1
) (

1− 2
3z

−1
)(

1− 3
4z

−1
) (

1− 1
8z

−1
) =

2− 7
3z

−1 + 2
3z

−2

1− 7
8z

−1 + 3
32z

−2
.

H2(z) =
5(1 + 2z−1)(

1− ( 12 + 1
2j)z

−1
) (

1− ( 12 −
1
2j)z

−1
) =

5 + 10z−1

1− z−1 + 1
2z

−2
.

In order to find the parallel realization we must consider the expansion

H(z) =
A1

1− 3
4z

−1
+

A2

1− 1
8z

−1
+

A3

1− ( 12 + 1
2j)z

−1
+

A∗
3

1− ( 12 −
1
2j)z

−1
.

A1 =
10
(
1− 1

2z
−1
) (

1− 2
3z

−1
) (

1 + 2z−1
)(

1− 1
8z

−1
) (

1− ( 12 + 1
2j)z

−1
) (

1− ( 12 −
1
2j)z

−1
) ∣∣∣∣∣

z= 3
4

= 2.93

A2 =
10
(
1− 1

2z
−1
) (

1− 2
3z

−1
) (

1 + 2z−1
)(

1− 3
4z

−1
) (

1− ( 12 + 1
2j)z

−1
) (

1− ( 12 −
1
2j)z

−1
) ∣∣∣∣∣

z= 1
8

= −17.68

A3 =
10
(
1− 1

2z
−1
) (

1− 2
3z

−1
) (

1 + 2z−1
)(

1− 3
4z

−1
) (

1− 1
8z

−1
) (

1− ( 12 −
1
2j)z

−1
) ∣∣∣∣∣

z= 1
2+

1
2 j

= 12.25− j14.57

Thus,

H(z) =
−14.75− 12.90z−1

1− 7
8z

−1 + 3
32z

−2
+

24.50 + 26.82z−1

1− z−1 + 1
2z

−2
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Cascade realization:

Parallel form realization:
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08.03.5 Lattice ladder realization

Let’s begin by considering the realization of an all-poles system with the transfer function:

H(z) =
1

1 +

N∑
k=1

aN (k)z−k

=
1

DN (z)

The system is described by the finite difference equation

y(n) = −
N∑

k=1

aN (k)y(n− k) + x(n).

It is interesting to note that if we exchange x(n) and y(n), we obtain the finite difference equation

x(n) = −
N∑

k=1

aN (k)x(n− k) + y(n),

which is:

y(n) = x(n) +

N∑
k=1

aN (k)x(n− k),

the finite difference equation of an FIR filter with transfer function:

H ′(z) = 1 +

N∑
k=1

aN (k) = DN (z).

Supported by this observation, we will employ the lattice structure for FIR filters previously studied in

order to derive a lattice structure for IIR filters by exchanging the input and the output. For the FIR filters

we had:

fm(n) = fm−1(n) +Kmgm−1(n− 1)

gm(n) = Kmfm−1(n) + gm−1(n− 1)

where f0(n) = g0(n) = x(n) and fN (n) = y(n).

For the lattice IIR structure, we consider the same finite difference equations:{
fm(n) = fm−1(n) +Kmgm−1(n− 1)

gm(n) = Kmfm−1(n) + gm−1(n− 1)
∀m = 1, . . . , N

but we take y(n) = f0(n) = g0(n) and fN (n) = x(n). In other words, we consider the system described

by: {
fm−1(n) = fm(n)−Kmgm−1(n− 1)

gm(n) = Kmfm−1(n) + gm−1(n− 1)
∀m = 1, . . . , N

with fN (n) = x(n) and y(n) = f0(n) = g0(n) .
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Note that now we compute the fm(n) with decreasing order (for m = N till 0). The structure is again

given by the cascade of N equal stages (equal apart from the different factor Km). Each stage has two

inputs and two outputs:

In each block, the inputs are fm(n) and gm−1(n), while the outputs are fm−1(n) and gm(n).

Let us verify that these equations describe an all-poles system.

Let us consider first the case of N = 1.{
f0(n) = f1(n)−K1g0(n− 1)

g1(n) = K1f0(n) + g0(n− 1)

with f1(n) = x(n) and y(n) = f0(n) = g0(n). Now, working in the Z-transform domain:{
Y (z) = F0(z) = F1(z)−K1z

−1G0(z)

G1(z) = K1F0(z) + z−1G0(z)

with F1(z) = X(z) and G0(z) = F0(z) = Y (z). Thus,

Y (z) = X(z)−K1z
−1Y (z)

Y (z)

X(z)
=

1

1 +K1z−1
=

1

D1(z)

which is an all-poles transfer function.

G1(z)

G0(z)
= K1 + z−1 = D̃1(z) = z−1D1(z

−1),

which is an all-zeros (FIR) transfer function, and D̃1(z) is the mirror image polynomial of D1(z).

G1(z)

X(z)
=

G1(z)

F0(z)

F0(z)

X(z)
=

K1 + z−1

1 +K1z−1
=

D̃1(z)

D1(z)

and it is an all-pass transfer function.
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These three properties hold in general. I.e., given the cascade of m stages with y(n) = f0(n) = g0(n)

and fm(n) = x(n),

1.
Y (z)

X(z)
=

F0(z)

Fm(z)
=

1

Dm(z)
.

2.
Gm(z)

G0(z)
= D̃m(z).

3.
Gm(z)

X(z)
=

Gm(z)

Fm(z)
=

D̃m(z)

Dm(z)
.

Note that according to the second property, gm(n) is an FIR function, i.e., a linear combination, of the

past outputs y(n).

Let us prove these properties by induction. Let us assume:

F0(z)

Fm−1(z)
=

1

Dm−1(z)

Gm−1(z)

G0(z)
= D̃m−1(z)

Gm−1(z)

Fm−1(z)
=

D̃m−1(z)

Dm−1(z)

and {
Fm−1(z) = Fm(z)−Kmz−1Gm−1(z)

Gm(z) = KmFm−1(z) + z−1Gm−1(z)
.

Let us first prove that
F0(z)

Fm(z)
=

1

Dm(z)
. But

F0(z)

Fm(z)
=

F0(z)

Fm−1(z)
· Fm−1(z)

Fm(z)

From Fm−1(z) = Fm(z)−Kmz−1Gm−1(z), we have

Fm(z)

Fm−1(z)
= 1 +Kmz−1Gm−1(z)

Fm−1(z)
= 1 +Kmz−1 D̃m−1(z)

Dm−1(z)
=

Dm−1(z) +Kmz−1D̃m−1(z)

Dm−1(z)

F0(z)

Fm(z)
=

1

Dm−1(z)
· Dm−1(z)

Dm−1(z) +Kmz−1D̃m−1(z)
=

1

Dm−1(z) +Kmz−1D̃m−1(z)
=

1

Dm(z)

with Dm(z) = Dm−1(z) +Kmz−1D̃m−1(z).

Let us verify next that
Gm(z)

G0(z)
= D̃m(z). Since Gm(z) = KmFm−1(z) + z−1Gm−1(z), we have

Gm(z)

G0(z)
= Km

Fm−1(z)

G0(z)
+ z−1Gm−1(z)

G0(z)
=

= Km
Fm−1(z)

F0(z)
+ z−1Gm−1(z)

G0(z)
=

= KmDm−1(z) + z−1D̃m−1(z) = D̃m(z).

D̃m(z) is the mirror image polynomial of Dm(z) since:

z−mDm(z−1) = z−m[Dm−1(z
−1) +KmzD̃m−1(z

−1)] =

© 2024 Alberto Carini 180/600



Digital Signal and Image Processing
08.03 IIR filter structures

Computer Engineering
University of Trieste

= z−1z−(m−1)Dm−1(z
−1) +Kmz−(m−1)D̃m−1(z

−1) =

= z−1D̃m−1(z) +KmDm−1(z) = D̃m(z).

Eventually, for the last property, we have:

Gm(z)

Fm(z)
=

Gm(z)

G0(z)
· F0(z)

Fm(z)
=

D̃m(z)

Dm(z)
.

Therefore, these properties hold for every m from 1 till N .

It’s noteworthy that, given the polynomial DN (z), both the lattice FIR structure and the lattice IIR struc-

ture share the same set of reflection parameters K1,K2, . . . ,KN . These reflection coefficients are

determined by the polynomial DN (z). In the lattice FIR filter, DN (z) is the transfer function, whereas in

the lattice IIR filter, it is the denominator of the transfer function.

The algorithms we have covered for FIR filters, used to compute the reflection coefficients from DN (z)

(and to compute DN (z) from the reflection coefficients) are applicable to IIR lattice filters as well. It’s

essential to recall that the roots of DN (z) lie within the unit circle if and only if K1,K2, . . . ,KN are

|Km| < 1 ∀m. Consequently, the lattice IIR filter maintains stability if and only if the reflection coefficients

satisfy |Km| < 1 ∀m.

The all-poles lattice filter serves as the foundation for constructing IIR lattice filters with poles and zeros:

H(z) =

∑N
k=0 cN (k)z−k

1−
∑N

k=0 aN (k)z−k
=

CN (z)

DN (z)

When considering the direct form II realization, we observe that it consists of an all-poles filter cascaded

with an all-zeros filter. The all-poles filter is described by

w(n) = −
N∑

k=1

aN (k)w(n− 1) + x(n).

The all-zeros filter is described by

y(n) =

N∑
k=0

cN (k)w(n− k).

Therefore, the output of the IIR filter
CN (z)

DN (z)
can be obtained from the linear combination of N past

outputs of the all-pole filter
1

DN (z)
. As we’ve previously observed, the terms gm(n) in our lattice filter are

a linear combination of the past outputs of the system. Thus, to implement a generic IIR transfer function

with a lattice filter, we construct the lattice structure that implements
1

DN (z)
and form an appropriate

linear combination of the terms {gm(n)}. Specifically, we consider

y(n) =

N∑
m=0

νmgm(n),

where the parameters νm form the zeros of H(z).
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This structure is referred to as the Lattice-Ladder realization.

H(z) =
Y (z)

X(z)
=

N∑
m=0

νm
Gm(z)

X(z)
=

=

N∑
m=0

νm
Gm(z)

G0(z)
· F0(z)

FN (z)
=

=

N∑
m=0

νmD̃m(z)
1

DN (z)
=

=

∑N
m=0 νmD̃m(z)

DN (z)

Thus, we need to find the coefficients νm such that

N∑
m=0

νmD̃m(z) = CN (z)

However, we have

CN (z) =

N−1∑
m=0

νmD̃m(z) + νN D̃N (z) =

= CN−1(z) + νN D̃N (z)

where CN−1(z) is an order N − 1 polynomial. Generally, if we define

Cm(z) =

m∑
k=0

νkD̃k(z)

we have

Cm(z) = Cm−1(z) + νmD̃m(z).

The polynomials can be computed recursively from the polynomials D̃m(z), with m = N, . . . , 1. Since

the leading coefficient of D̃m(z) is 1, the parameters νm are given by

νm = cm(m) ∀m = N, . . . , 0

i.e., the coefficient of the highest degree monomial of Cm(z). We can recursively compute the coeffi-

cients νm with the following algorithm:

© 2024 Alberto Carini 182/600



Digital Signal and Image Processing
08.03 IIR filter structures

Computer Engineering
University of Trieste

For m = N till 0

νm = [cm(z) · zm]
∣∣∣
z=0

cm−1(z) = cm(z)− νmD̃m(z)

End For

The modularity of the lattice filters, the stability characteristics related to the reflection coefficients, and

the robustness in the presence of finite precision arithmetic make these filters very appealing for many

applications.

In Matlab, the coefficients of the lattice filter can be obtained with the following function

[K,V] = tf2latc(B,A)

Here, B and A represent the vectors containing the coefficients of the numerator and denominator poly-

nomials, respectively. In Matlab, elements of vectors are indexed starting from 1. The following figure

illustrates the correspondence between coefficients and multipliers:

Enhanced lattice structures have been proposed in the literature. Like before, they consist of a cascade

of N identical blocks, with a ladder utilized to implement the transfer function numerator. The reflection

coefficients remain consistent with those of the original lattice filter. The alterations lie in the block’s

implementation and the coefficients of the ladder segment, which nonetheless maintain a relationship

with those of the original lattice filter

One solution makes use of a single multiplier per block:
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The coefficient of the ladder part in Matlab can be obtained as follows:

[K,V] = tf2latc(B,A)

for (i=length(V)-1:-1:1)

V(1:i) = V(1:i)/(1+K(i));

end

This code iteratively adjusts the coefficients of the ladder segment based on the obtained reflection

coefficients and multipliers.

A computationally more expensive solution, employing four multipliers per block but exhibiting improved

behavior when implemented with fixed-point arithmetic, is the normalized lattice structure with the fol-

lowing block:

It offers the notable feature of computing a rotation from the input to the output, making it more compu-

tationally robust.

Once more, the coefficients of the ladder part in Matlab can be acquired through the following procedure:

[K,V] = tf2latc(B,A)

for (i=length(V)-1:-1:1)

V(1:i) = V(1:i)/sqrt(1-K(i)^2);

end

This code snippet calculates the coefficients of the ladder segment using the obtained reflection coeffi-

cients and ensures normalization, thus enhancing the computational robustness of the structure.

For more information study:
S. K. Mitra, ”Digital Signal Processing: a computer based approach,” 4th edition, McGraw-Hill, 2011

Chapter 8.3.1, pp. 422
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Chapter 8.3.4, pp. 426

Chapter 8.3.2, pp. 423-424

Chapter 8.2, pp. 421-422

Chapter 8.4.1, pp. 427-429

Chapter 8.4.2-3, pp. 429-433

Chapter 8.8, pp. 447-452
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09 Finite precision arithmetic effects

09.01 Finite precision arithmetic

We have studied various structures for the implementation of digital filters. These structures are equiva-

lent to each other when we operate with infinite precision arithmetic, but they exhibit different properties

with finite precision arithmetic.

DSP systems are typically implemented using floating-point or fixed-point arithmetic.

In floating-point arithmetic, the number x is represented using an exponent γ and a mantissa m, such

that 0.5 < |m| < 1 and x = m · 2γ .

In fixed-point arithmetic, the number x is assumed to belong to a certain interval and is represented with

a fixed number of bits, with the decimal point occupying a fixed position within these bits. For example,

values between −1 and +1 are represented using 1 sign bit and b bits after the decimal point.

The smaller the value of |x|, the fewer significant bits are available in the representation of x (thus

resulting in a larger relative error in the representation).

When using floating-point arithmetic with a high number of binary digits, we can reach conditions similar

to infinite precision arithmetic. However, in cases where finite precision arithmetic is employed (common

in hardware or software DSP implementations), it’s essential to account for the effects of finite precision.

In particular, we need to consider:

1. The effects of quantization of filter coefficients,

2. the A/D conversion noise,

3. the uncorrelated noise due to rounding or truncation during multiplications,

4. the overflow in additions,

5. the limit cycles.

09.02 Filter coefficients quantization

Filter design is typically conducted using infinite precision arithmetic or arithmetic with very high pre-

cision. However, in practical implementation, we must quantize the filter coefficients. As a result, the

implemented filter no longer matches the transfer function we designed but rather approximates it to
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varying degrees, depending on the precision of the arithmetic used (i.e., the number of bits in the coeffi-

cient representation) and the sensitivity of the realization to coefficient variations. From this perspective,

the direct-form structure of IIR filters exhibits poor behavior, as coefficient quantization can easily lead

to system instability. Conversely, lattice filters demonstrate better robustness to coefficient quantization.

In situations where quantization involves a very limited number of bits, it becomes necessary to adopt

structures highly robust to quantization. Moreover, it is essential to appropriately select the quantized

parameters to meet the filter specifications; in this case, the quantized coefficients are directly designed.

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)
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(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

09.03 A/D conversion noise

The process of analog-to-digital conversion inevitably introduces an error due to signal quantization.

e(n) = sQ(n)− s(n).

The error introduced by analog-to-digital conversion, called granular noise, depends on the number

of quantization levels and the type of quantization performed. The signal-to-quantization-noise ratio is

influenced by the number of quantization levels.

The A/D conversion noise is analyzed using a statistical approach.

The input-output relationship of the quantizer is illustrated by the following diagrams:

Rounding Truncation
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In case of rounding: −1

2
a ≤ e(n) <

1

2
a.

In case of truncation: 0 ≤ e(n) < a.

Obviously, these expressions assume that there is no saturation of the analog-to-digital converter, i.e.,

no clipping of the input signal; otherwise, the error can be much larger than a. We must as much as

possible avoid saturations.

The quantization errors can be interpreted as generated by a random process akin to white stationary

noise, with a constant probability density within the interval [−a
2 ,+

a
2 ] or [0, a]. It is assumed that this

noise is uncorrelated with the signal.

For rounding, we have:

me = E[e(n)] = 0.

σ2
e = E[(e(n)−me)

2] =

∫ + a
2

− a
2

x2 1

a
dx =

a2

12
.

For truncation, we have:

me = E[e(n)] = a
2 .

σ2
e = E[(e(n)−me)

2] =
a2

12
.

To evaluate the impact of additive quantization noise on the input signal s(n), we can compute the

Signal-to-Quantization-Noise Ratio (SNR) in decibels (dB), which is defined as:

SNRA/D = 10 log10

(
σ2
s

σ2
e

)
dB.

Here, σ2
s represents the input signal variance (i.e., the power of the input signal), and σ2

e denotes the

variance of the quantization noise (i.e., the power of the quantization noise).
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Consider a quantization scheme with 2b+1 levels between −M and +M . In this case:

a =
2M

2b+1
=

M

2b
=⇒ σ2

e =
M2

12 · 22b
.

This leads to the Signal-to-Quantization-Noise Ratio as:

SNRA/D = 10 log10

(
12 · 22b · σ2

s

M2

)
= 6.02 b+ 10.79 + 10 log10

(
σ2
s

M2

)
dB.

This equation can help us determine the minimum number of bits b required to achieve a specific signal-

to-noise ratio. Notably, we observe that the SNR increases by 6 dB for each additional unit of b.

Is it always possible to prevent saturation of the analog-to-digital converter? In most cases, our signals

are random signals with a certain distribution, and there exists a non-zero probability of exceeding a pre-

defined range. Suppose our input signal follows a Gaussian distribution with a zero mean and standard

deviation σs. The likelihood of a particular analog sample remaining within the range [−σsK,+σsK] is

given by:

2Φ(K)− 1 =

√
2

π

∫ K

0

e−y2/2dy, (09.01)

where Φ(.) is the cumulative probability of a zero mean unit variance Gaussian distribution.

For K = 2, the probability of an analog sample remaining within the range [−2σs,+2σs] is 0.9544. This

indicates that, on average, out of every 10, 000 input samples, approximately 456 samples fall outside

this range.

For K = 3, the probability of an analog sample remaining within the range [−3σs,+3σs] is 0.9973. This

suggests that, on average, out of every 10, 000 input samples, approximately 37 samples fall outside this

range.

For K = 4, the probability of an analog sample remaining within the range [−4σs,+4σs] is 0.999936.

This suggests that, on average, out of every 1, 000, 000 input samples, approximately 64 samples fall

outside this range. This range is generally considered more than sufficient to prevent clipping during

conversion.

To prevent saturation of the analog-to-digital converter, scaling the input signal is a common approach.

Let’s explore its impact. Assuming we scale the input signal by a factor A, the variance of the scaled

input, As(n), becomes A2σ2
s . Consequently, the expression for signal-to-quantization noise ratio (SNR)

transforms to:

SNRA/D = 10 log10

(
12 · 22b ·A2 · σ2

s

M2

)
= 6.02 b+ 10.79 + 10 log10

(
σ2
s

M2

)
+ 20 log10(A).

When A > 1, the SNR increases, but so does the probability of overflow. Conversely, A < 1 reduces the

probability of overflow but also lowers the SNR. To attain the highest possible SNR without distorting

the signal, it’s essential to align the analog sample range as closely as possible with the full-scale range

of the A/D converter.

The quantized signal is commonly processed using a linear time-invariant discrete-time system repre-

sented by H(z). By modeling the quantized signal as the sum of the unquantized signal s(n) and a

quantization error e(n), and assuming linearity along with uncorrelation between s(n) and e(n), the out-

put comprises two components: y(n) associated with the unquantized input s(n), and v(n) associated
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with the quantization error e(n). While e(n) can be assumed to exhibit characteristics of white noise,

v(n) does not. Specifically,

v(n) =

+∞∑
m=−∞

h(m)e(n−m),

where the quantization noise is convolved with the impulse response of the filter. The mean of the

output noise v(n) is

mv = meH(ej0)

and the variance σ2
v is

σ2
v =

σ2
e

2π

∫ +π

−π

|H(ejω)|2dω = σ2
e

+∞∑
m=−∞

|h(m)|2.

The noise output power spectrum is given by

Pvv(ω) = σ2
e |H(ejω)|2.

09.04 Uncorrelated noise due to rounding or truncation in

multiplications

This noise is analyzed similarly to quantization noise.

When two numbers with N digits are multiplied, the result typically has 2N − 1 digits. To represent this

result with N digits, rounding or truncation is necessary. This rounding or truncation process introduces

noise, which is statistically treated similarly to quantization noise. The noise is assumed to originate

from a white stationary noise source with a constant probability density distribution. It’s worth noting

that these various noise sources are assumed to be uncorrelated with each other and with the input

signal.

For instance, in the case of a second-order Infinite Impulse Response (IIR) filter, there exists a noise

source associated with each multiplier operation.
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From the selection of the quantization level, it becomes feasible to ascertain the output signal-to-noise

ratio resulting from rounding or truncation.

It’s worth noting that different filter structures generally exhibit distinct noise propagation properties.

09.05 Overflow in additions

This issue is especially significant when operating with fixed-point arithmetic.

When dealing with numbers between 0 and 1 in fixed-point representation, the sum of two such numbers

may exceed 1, leading to overflow beyond the representation limits (assuming the maximum value is

1). Overflow typically manifests as an impulsive noise with high amplitude at the output of the system.

Therefore, it’s essential to design the system in advance to minimize the occurrence of overflows or to

ensure that they have minimal probability of happening.

To prevent overflows, it is crucial to appropriately scale all signals using constant multiplicative factors.

For example:

If the input signal satisfies −1 ≤ x(n) ≤ +1, then after processing, the output signal y(n) may range

from −1.2 to 1.2, posing a risk of overflow when using fixed-point arithmetic with a maximum value of 1.

However, by multiplying the input signal x(n) by 1
1.2 , we obtain an output signal that is always bounded

between −1 and 1. This scaled output signal is identical to the original signal but scaled by a factor

of 1
1.2 . This scaling ensures that the output remains within the representable range without the risk of

overflow.

While completely avoiding the overflow problem by appropriately scaling the input signal is indeed pos-

sible, it often comes at the cost of significantly penalizing the signal-to-quantization-noise ratio, as it

reduces σ2
s .
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In general, we can minimize the probability of overflow at internal nodes by inserting scaling multipliers

at selected points in the digital filter structure to appropriately scale the internal signal levels. In many

cases, most of these scaling multipliers can be absorbed by the existing multipliers in the structure.

09.06 Dynamic range scaling

Let’s consider a digital filter structure, and for a given node r, let the signal to be scaled be denoted as

ur(n). We assume that all fixed-point numbers are represented as binary fractions and that the input

sequence x(n) is bounded by unity, i.e., |x(n)| ≤ 1 for all n. The objective of scaling is to ensure that

|ur(n)| ≤ 1

for all nodes r and time instances n.

09.06.1 An absolute bound

Let’s define the scaling transfer function Fr(z) as the transfer function from the input to the r-th node.

Its inverse z-transform fr(n) represents the impulse response from the filter input to the r-th node.

Therefore, ur(n) can be expressed as the convolution of fr(n) and x(n):

ur(n) =

+∞∑
k=−∞

fr(k)x(n− k)

Then,

|ur(n)| =

∣∣∣∣∣
+∞∑

k=−∞

fr(k)x(n− k)

∣∣∣∣∣ ≤
+∞∑

k=−∞

|fr(n)|.

Thus, we have |ur(n)| ≤ 1 if
+∞∑

k=−∞

|fr(n)| ≤ 1.

It can be proven that the above condition is both necessary and sufficient to guarantee no overflow. If it

is not satisfied by the unscaled realization, we can scale the input signal with a multiplier K, where

K =
1

maxr
∑+∞

k=−∞ |fr(n)|
.

This scaling rule is based on a worst-case bound and significantly reduces the output SNR. More prac-

tical and easy-to-use scaling rules can be derived in the frequency domain if some information about

the input signals is known a priori. In what follows, we will assume the input x(n) to be a deterministic

signal with Fourier transform X(ejω), and we will derive the bounds in terms of Lp-norms.

The Lp-norm of X(ejω) is defined as

||X||p =

(
1

2π

∫ +π

−π

|X(ejω)|pdω
)1/p
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In most cases, the values of p used are 1, 2, and∞. For p = 2, ||X||2 represents the root-mean-square

(rms) value of X(ejω). For p = 1, ||X||1 indicates the mean absolute value of X(ejω). In the case of a

continuous X(ejω), limp→∞ ||X||p exists and represents the peak absolute value

||X||∞ = max
−π≤ω≤+π

|X(ejω)|.

09.06.2 L∞-bound

Since

ur(n) =
1

2π

∫ +π

−π

Fr(e
jω)X(ejω)ejωndω,

we have

|ur(n)| ≤
1

2π

∫ +π

−π

|Fr(e
jω)||X(ejω)|dω

≤ ||Fr||∞
1

2π

∫ +π

−π

|X(ejω)|dω

≤ ||Fr||∞ · ||X||1.

If ||X||1 ≤ 1, then |ur(n)| ≤ 1 if

||Fr||∞ ≤ 1.

In general, this scaling rule is rarely used since, in practice, ||X||1 ≤ 1 does not typically hold for most

encountered input signals.

09.06.3 L2-bound

Applying the Schwartz inequality to

ur(n) =
1

2π

∫ +π

−π

Fr(e
jω)X(ejω)ejωndω,

we obtain that

|ur(n)|2 ≤
(

1

2π

∫ +π

−π

|Fr(e
jω)|2dω,

)
·
(

1

2π

∫ +π

−π

|X(ejω)|2dω,
)
,

i.e.,

|ur(n)|2 ≤ ||Fr||2 · ||X||2.

If the input signal has finite energy bounded by unity, i.e., ||X||2 ≤ 1, then preventing adder overflow

can be achieved by scaling the filter such that the L2-norm of the transfer functions from the input to all

adder outputs are bounded by unity:

||Fr||2 ≤ 1 ∀r.

09.06.4 A more general scaling rule

According to the Holder’s inequality,

|ur(n)|2 ≤ ||Fr||p · ||X||q,
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for all p, q ≥ 1 satisfying (1/p) + (1/q) = 1. The L∞-bound is obtained for p = ∞ and q = 1. The

L2-bound is obtained for p = q = 2. Another useful bound is the L1-bound obtained for p = 1 and

q =∞.

Provided ||X||q < 1, then |ur(n)| ≤ 1 if

||Fr||p ≤ 1.

In many structures, all scaling multipliers can be absorbed into the existing feedforward multipliers

without increasing the total number of multipliers. Let’s consider, for example, the commonly used

cascade form IIR digital filter structure.

09.06.5 Scaling the Cascade form IIR filter structure

Let us consider first the unscaled IIR filter structure.

H(z) = K

R∏
i=1

Hi(z)

where

Hi(z) =
Bi(z)

Ai(z)
=

1 + b1iz
−1 + b2iz

−2

1 + a1iz−1 + a2iz−2
.

The nodes to be scaled are those marked with (*) in the figure and correspond to the inputs of the

multipliers in each second-order section. The scaling transfer functions are defined as:

Fr(z) =
K

Ar(z)

r−1∏
l=1

Hl(z).

The scaled transfer function is shown in the following figure.
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The scaling process has introduced a new multiplier b̄0l in each second-order section.

Let us denote

||Fr||p = αr ∀r

||H||p = αR+1

and let us choose the scaling constant as

K̄ = β0K; b̄lr = βrblr l = 0, 1, 2; r = 1, 2, . . . , R.

It can be easily verified that

F̄r =

(
r−1∏
i=0

βi

)
Fr(z)

H̄ =

(
R∏
i=0

βi

)
H(z)

With the scaling we what

||F̄r||p =

(
r−1∏
i=0

βi

)
||Fr||p = αr

(
r−1∏
i=0

βi

)
= 1, r = 1, 2, . . . , R

||H̄||p =

(
r−1∏
i=0

βi

)
||H||p = αR+1

(
r−1∏
i=0

βi

)
= 1.

Solving these equations we arrive at

β0 =
1

α1
,

βr =
αr

αr+1
, r = 1, 2, . . . , R.

There are many possible cascade realizations of a higher-order IIR transfer function achieved through

various pole-zero pairings and orderings. In fact, for a cascade of R second-order sections, there are

(R!)2 different possible realizations. Each of these realizations will have different scaling and output

noise power.
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What is the optimal pole-zero pairing and ordering of the sections in a cascade realization? There exists

a simple heuristic set of rules.

For the pole-zero pairing: First, pair the complex pole pair closest to the unit circle with the nearest

complex zero pair. Next, pair the complex pole pair closest to the previous set of poles with its nearest

complex zero pair. Repeat this process until all poles and zeros have been paired.

The above procedure will reduce the peak gain of the section characterized by the paired poles and

zeros.

As for the ordering of the sections, it depends on the Lp-norm used for scaling. If the L2-norm is used,

the ordering of the paired sections does not significantly influence the output noise power. However,

if an L∞-scaling is employed, the section with poles closest to the unit circle and exhibiting the most

pronounced magnitude response should be placed closest to the output end. The next section should

be the one with the next most pronounced magnitude response, and so on. The first section should be

the one with the least pronounced magnitude response. The same rule applies in the general case.

09.07 Limit cycles

In recursive systems, the nonlinearities associated with finite precision arithmetic (such as rounding

and overflows) can induce periodic oscillations at the system output or yield a constant output, even

when the input is zero or remains constant. These phenomena are known as limit cycles and are

directly caused by errors arising from rounding in multiplications or overflows in additions. The problem

is especially notable in IIR filters with poles near the unit circle.

Example:

Consider the system,

y(n) = 0.95y(n− 1) + x(n),

H(z) =
1

1− 0.95z−1

with x(n) = 0 for all n ≥ 0, y(−1) = 13.
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Let us assume to round y(n) to an integer value:

n y(n) exact y(n) rounded

−1 13 13

0 12.35 12←− (12.35)

1 11.73 11←− (11.4)

2 11.14 10←− (10.45)

3 10.75 10←− (9.5)

4 10.05 10←− (9.5)

5 9.5 10←− (9.5)

Another example is the first-order IIR filter depicted in the following figure, which includes a quantizer

after the multiplication

The digital filter is assumed to be implemented using 6-bit fractional arithmetic with a quantization step

of δ = 2−5. The input signal is set as x(0) = 0.4, and x(n) = 0 for n > 0, with the initial condition

y(−1) = 0.

The following figure shows the limit cycles that can be observed for α = 0.6, resulting in a constant

non-zero output, and for α = −0.6, leading to an oscillatory output.

The output signal can become entirely independent of the input in the presence of limit cycles. However,
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there are conditions under which these limit cycles can be avoided, such as utilizing truncation towards

0 instead of rounding, or adding a small random noise to the input. Generally, increasing the precision

of the arithmetic improves the behavior of the recursive system, thereby reducing the amplitude of the

limit cycles.

For more information study:
S. K. Mitra, ”Digital Signal Processing: a computer based approach,” 4th edition, McGraw-Hill, 2011

Chapter 12.1, pp. 664-665

Chapter 12.2, pp. 665-667

Chapter 12.4.1, pp. 668-672

Chapter 12.5, pp. 681-687

Chapter 12.7, pp. 695-699 and 702-705

Chapter 12.11, pp. 719-721
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10 Digital filter design

10.01 Digital filter design specifications

An important problem in digital signal processing is the design of digital filters, that is, the design of

a realizable transfer function that can approximate some assigned specifications on the frequency re-

sponse. When the filter to be designed is IIR, it is also necessary to guarantee that the transfer function

is stable.

In digital filter design, first and foremost, we have to obtain a reasonable specification for the frequency

response based on the requirements of the system our filter has to operate with. Then, we will have to

decide whether we need to design an FIR or IIR filter and how to design it.

As for the specifications, we will derive (or be given) a desired magnitude or phase response. For

simplicity, we concentrate our attention only on the design of lowpass, highpass, bandpass, or bandstop

filters, and the specifications involve a desired magnitude response.

The specifications in the passband and in the stopband are generally given with some tolerances.

Moreover, a transition band is always introduced between the passband and the stopband in order to

allow the magnitude response to smoothly transition from the maximum to the minimum value.

The magnitude response specifications for a lowpass filter are typically given using one of the following

two methods

(a) (b)

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

In the first method, the maximum deviations of the designed magnitude response from the ideal one

are imposed in both the passband and the stopband. In the passband 0 ≤ ω ≤ ωp, we require the

magnitude response to be bounded as follows:

1− δp ≤ |G(ejω)| ≤ 1 + δp.
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In the stopband ωs ≤ ω ≤ π, we require the magnitude response to be

|G(ejω)| ≤ δs.

ωp and ωs are the passband and stopband edge frequencies; δs and δp are called the peak ripple values.

In most applications, the transfer function we are interested in has real coefficients, and the magnitude

response is an even function of ω. Thus, the specifications are given only in the range 0 ≤ ω ≤ π.

In the second method, the magnitude response specifications are given in normalized form, with the

maximum value of the magnitude in the passband assumed to be 1. In this case, the maximum atten-

uation in the passband and the minimum attenuation in the stopband are imposed. In the passband

0 ≤ ω ≤ ωp, we request
1√

1 + ϵ2
≤ |G(ejω)| ≤ 1,

while for the stopband ωs ≤ ω ≤ π, we request

|G(ejω)| ≤ 1

A
.

√
1 + ϵ2 is the maximum attenuation imposed in the passband (the attenuation is the reciprocal of the

gain). A is the minimum attenuation desired in the stopband. In general, these values are given in dB;

that is, we specify the maximum attenuation in dB in the passband as

Rp = 20 log10

(√
1 + ϵ2

)
,

and the minimum attenuation in dB in the stopband,

Rs = 20 log10(A).

It is easy to convert between one type of specification and the other, since

20 log10

(√
1 + ϵ2

)
≃ −20 log10(1− 2δp),

20 log10(A) ≃ −20 log10 δs.

The passband and stopband edge frequencies are often provided in Hertz, along with the sampling

frequency Fc. If Fp and Fs represent the passband and stopband edge frequencies respectively, the

normalized angular frequencies ωp and ωs are calculated as follows:

ωp =
Fp

Fc
· 2π,

ωs =
Fs

Fc
· 2π.

Based on our specifications, we need to decide whether to design an FIR or IIR filter.

FIR filters offer several advantages. They can achieve exactly linear phase, and they remain stable

when coefficients are quantized. However, for specifications with small transition bands, the FIR filter

order (and its computational complexity) can be much higher compared to an IIR filter implementing the

same specifications. With IIR filters, ensuring stability is a challenge, and exact linear phase cannot

be achieved. As a general guideline, if a linear phase filter is required, FIR filters are preferred. Con-

versely, for applications with small transition bands and strong attenuations in the stopband, IIR filters

are preferred.
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10.02 IIR filter design

A commonly used method in the design of IIR lowpass, highpass, bandpass, and bandstop filters lever-

ages the extensive knowledge available for their corresponding analog counterparts.

In the analog domain, certain filter categories have been introduced and extensively studied over time.

Comprehensive knowledge exists for these filters, including formulas that facilitate easy design based

on specifications.

A successful digital filter design technique typically involves initially designing an analog filter that satis-

fies our specifications, and then transforming it into its digital equivalent without altering the magnitude

response characteristics.

10.02.1 The analog domain or continuous-time domain

In the continuous-time domain, similar concepts to those in the discrete-time domain are introduced.

We’ve previously encountered the continuous-time Fourier transform (CTFT) of an analog signal:

Xa(jΩ) =

∫ +∞

−∞
xa(t)e

−jΩdt,

which has its discrete equivalent in the DTFT.

In the continuous-time domain, the Laplace Transform also exists, which serves as the analog equivalent

of the Z-Transform:

Xa(s) =

∫ +∞

−∞
xa(t)e

−stdt.

This is a function of the complex variable s, defined across the entire complex plane. When we evaluate

Xa(s) on the imaginary axis, for s = jΩ, we obtain the CTFT Xa(jΩ). The imaginary axis for the Laplace

transform plays a similar role to the unit circle for the Z-Transform.

Furthermore, in the continuous-time domain, the concept of a linear time-invariant system is introduced.

It can be shown that an LTI system is fully characterized by the impulse response h(t), which represents

the system’s response to a Dirac pulse δ(t). Indeed, the system’s output is given by the convolution

integral:

ya(t) =

∫ +∞

−∞
h(τ)xa(t− τ)dτ.

The CTFT and the Laplace transform possess the property of transforming the convolution integral into

the product of the transforms of h(t) and xa(t).

The CTFT of h(t), H(jΩ), is termed the frequency response of the system. The Laplace transform of

h(t), denoted as H(s), is referred to as the transfer function of the system.

A continuous-time LTI system described by a differential equation with constant coefficients has a ratio-

nal transfer function in s. The system is stable in the BIBO sense if and only if the roots of the polynomial

fall in the Re(s) < 0 semi-plane.
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The specifications for analog lowpass, highpass, bandpass, and bandstop filters are similar to those

for digital filters. The magnitude response in the passband and stopband cannot be constant and is

specified with certain tolerances. Additionally, a transition band is specified between the passband and

stopband to allow for a smooth drop-off of the magnitude.

The magnitude |Ha(jΩ)| of the lowpass filter may be specified as follows:

(a) (b)

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

In the first case, in the passband 0 ≤ Ω ≤ Ωp we require

1− δp ≤ |Ha(jΩ)| ≤ 1 + δp,

while in the stopband Ωs ≤ Ω ≤ +∞, we require

|Ha(jΩ)| ≤ δs

Here, Ωp and Ωs are respectively the passband edge frequency and the stopband edge frequency. The

tolerances δp and δs are referred to as ripples.

In the second case, the specifications for the analog filter are given in a normalized form. The maximum

value in the passband is 1, and the passband ripple, 1/
√
1 + ϵ2, is determined by the minimum value of

the magnitude in the passband. The maximum stopband ripple is denoted by 1/A, where A represents

the minimum stopband attenuation.

In analog filter theory, two other parameters are defined. The first is the transition ratio or selectivity

parameter, represented by the ratio:

k =
Ωp

Ωs
.

For lowpass filters it is always k < 1 The second parameter is the discrimination parameter defined as

k1 =
ϵ√

A2 − 1
.

Typically, k1 ≪ 1.

In the analog domain, three families of lowpass, highpass, bandpass, and bandstop filters, which have

well-established design formulas, have been extensively studied:

• Butterworth filters,
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• Chebyshev filters of type I and II,

• Elliptic filters.

10.02.2 Butterworth filters

The magnitude-squared response of an analog lowpass Butterworth filter of order N is given by

|Ha(jΩ)|2 =
1

1 +
(

Ω
Ωc

)2N .

It can be easily verified that the first 2N − 1 derivatives of |Ha(jΩ)|2 at Ω = 0 are equal to zero. Thus,

the Butterworth filter is said to have a maximally flat magnitude at Ω = 0.

The gain of the Butterworth filter is dB is:

G(Ω) = 10 log10 |Ha(jΩ)|2.

For Ω = 0, |Ha(jΩ)|2 = 1 and G(Ω) = 0 dB.

For Ω = Ωc, |Ha(jΩ)|2 = 1/2 and G(Ω) ≃ −3 dB. Thus, ΩC is called the 3-dB cutoff frequency.

The derivative of the square magnitude response is always negative for positive values of Ω, and the

magnitude response is monotonically decreasing with increasing Ω.

For Ω≫ Ωc,

|Ha(jΩ)|2 ≃
1(

Ω
Ωc

)2N .

Let us consider Ω2 = 2Ω1 and Ω1 ≫ Ωc. Then,

G(Ω2) = −10 log10
(
Ω2

Ωc

)2N

= −10 log10
(
2Ω1

Ωc

)2N

= G(Ω1)− 6N dB.

As a result, the gain in the stopband decreases by 6 dB per octave or 20 dB per decade for an increase

of the filter order by one.

This figure illustrates the magnitude response of a Butterworth lowpass filter for different orders N and

the same 3-dB cut-off frequency. The larger the order, the faster the transition towards zero of the

magnitude response and the narrower the transition band.

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)
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The two parameters fully characterizing a Butterworth filter are Ωc and N . These are determined from

the specified passband edge Ωp, the minimum passband magnitude
√
1 + ϵ2, the stopband edge, and

minimum stopband attenuation A.

It must be

|Ha(jΩp)|2 =
1

1 +
(

Ωp

Ωc

)2N =
1

1 + ϵ2

|Ha(jΩs)|2 =
1

1 +
(

Ωs

Ωc

)2N =
1

A2

Solving these equations for the filter order we obtain

N =
log10[(A

2 − 1)/ϵ2]

log10(Ωs/Ωp)
=

log10(1/k1)

log10(1/k)

Since N must be an integer, the order N is rounded up to the next higher integer, and the final value of

Ωc is then obtained from any one of the first two equations.

The Butterworth filter has an all-poles transfer function

Ha(s) =
C

DN (s)
=

ΩN
c∏N

l=1(s− pl)

with

pl = Ωce
j[π(N+2l−1)/2N ] l = 1, 2, . . . , N

10.02.3 Chebyshev filters of type I

There are two types of Chebyshev filter: Type 1 and Type 2. In Type 1, the frequency response magni-

tude is equiripple in the passband and monotonic in the stopband. In Type 2, the frequency response

magnitude is monotonic in the passband and maximally flat for Ω = 0 and equiripple in the stopband.

The square-magnitude response of the analog lowpass Type 1 Chebyshev filter of order N is

|Ha(jΩp)|2 =
1

1 + ϵ2T 2
N (Ω/Ωp)

,

where TN (Ω) is the Chebyshev polynomial of order N :

TN (Ω) =

{
cos(N cos−1 Ω), |Ω| ≤ 1,

cosh(N cosh−1 Ω), |Ω| > 1.

Alternatively, the polynomial can be derived with the following recurrence relation

Tr(Ω) = 2ΩTr−1(Ω)− Tr−2(Ω), ≥ 2,

with T0(Ω) = 1 and T1(Ω) = Ω.

A typical magnitude response of an analog lowpass Type 1 Chebyshev filter is shown below:
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(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

The order N of the transfer function is determined by the attenuation specification in the stopband, for

instance at the stopband edge frequency:

|Ha(jΩp)|2 =
1

1 + ϵ2T 2
N (Ωs/Ωp)

, (10.01)

=
1

1 + ϵ2 {cosh[N cos−1(Ωs/Ωp)]}2
=

1

A2
(10.02)

Solving the above equation we have

N =
cosh−1(

√
A2 − 1/ϵ)

cosh−1(Ωs/Ωp)
=

cosh−1(1/k1)

cosh−1(1/k)
.

Once again, the transfer function Ha(s) is all-pole and there are simple formulas for computing the

poles.

10.02.4 Chebyshev filters of type II

The square-magnitude response of the analog lowpass Type II Chebyshev filter of order N is

|Ha(jΩp)|2 =
1

1 + ϵ2
[
T 2
N (Ωs/Ωp)

T 2
N (Ωs/Ω)

] ,

Typical responses are shown in the following figure:
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(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

The transfer function of Type 2 Chebyshev filters is no longer all-pole and includes both poles and zeros.

There are formulas available for computing the order, as well as the locations of the zeros and poles.

For the same attenuation specifications and order, Chebyshev filters of Type I and Type II have a tran-

sition band that is smaller than that of Butterworth filters.

10.02.5 Elliptic filters

The elliptic filters exhibit an equiripple magnitude response in both the passband and the stopband, as

depicted in the following figure:

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

The transfer function of an elliptic filter satisfies a given set of filter specifications, including passband

edge frequency, stopband edge frequency, passband ripple, and minimum stopband attenuation, with

the lowest filter order N .

The square-magnitude response of a lowpass elliptic filter is given by:

|Ha(jΩp)|2 =
1

1 + ϵ2R2
N (Ω/Ωp)

where RN (Ω) is a rational function of order N satisfying the property RN (1/Ω) = 1/RN (Ω), with the
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roots of its numerator lying in the interval 0 < Ω < 1 and the roots of the denominator lying in the interval

1 < Ω <∞.

The transfer function includes poles and zeros, and there are formulas available for computing the order

N from the specifications and determining the positions of poles and zeros.

We have explored the design of Butterworth, Chebyshev, and Elliptic lowpass filters. The design of

highpass, bandpass, and bandstop filters can be achieved through straightforward spectral transfor-

mations of the frequency variable. The design process entails: i. Development of specifications for a

prototype analog lowpass filter based on the desired highpass, bandpass, or bandstop filter. ii. Design

of the prototype lowpass filter. iii. Transformation of the prototype lowpass filter to the desired filter by

applying the inverse of the frequency transformation used to determine the specification of the lowpass

filter.

Let s denote the Laplace transform variable of the prototype analog lowpass transfer function HLP(s),

and let ŝ denote the Laplace transform variable of the desired highpass, bandpass, or bandstop filter

HD(ŝ). The mapping from the s-domain to the ŝ-domain is represented by an invertible transformation:

s = F (ŝ).

The relationship between HLP(s) and HD(ŝ) is defined as follows:

HD(ŝ) = HLP(s)|s=F (ŝ) . (10.03)

HLP(s) = HD(ŝ)|ŝ=F−1(s) . (10.04)

10.02.6 Analog highpass filter design

An analog lowpass transfer function HLP(s) with passband edge frequency Ωp can be transformed

into an analog highpass transfer function HHP(ŝ) with passband edge frequency Ω̂p using the spectral

transformation

s =
ΩpΩ̂p

ŝ
.

On the imaginary axis, we have

Ω = −ΩpΩ̂p

Ω̂

© 2024 Alberto Carini 208/600



Digital Signal and Image Processing
10.02 IIR filter design

Computer Engineering
University of Trieste

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

Note that this mapping transform the band 0 ≤ Ω ≤ Ωp into the range −∞ < Ω̂ ≤ Ω̂p, and the range

Ωp ≤ Ω <∞ into the range −Ω̂p ≤ Ω̂ < 0; and similar for the negative frequencies. Thus, the mapping

ensures that the gain values of HLP(jΩ) of the prototype filter in the passband |Ω| ≤ Ωp will appear

in the passband of the highpass filter HHP(jΩ̂), Ω̂ ≥ Ωp. Likewise, the gain values of HLP(jΩ) in the

stopband |Ω| > Ωp will appear in the stopband of the highpass filter HHP(jΩ̂) , 0 ≤ Ω̂ < Ω̂p.

10.02.7 Analog bandpass filter design

An analog lowpass transfer function HLP(s) with passband edge frequency Ωp can be transformed into

an analog bandpass transfer function HBP(ŝ) with passband edge frequencies Ω̂p1 and Ω̂p2 ( Ω̂p1 < Ω̂p2)

using the spectral transformation

s = Ωp
ŝ2 + Ω̂2

0

ŝ(Ω̂p2 − Ω̂p1)
,

with Ω̂0 called the passband center frequency of the passband filter, satisfying:

Ω̂2
0 = Ω̂p2 · Ω̂p1 = Ω̂s2 · Ω̂s1

Thus, the two passband edge frequencies exhibit geometric symmetry with respect to the center fre-

quency Ω̂0. On the imaginary axis, we have

Ω = −Ωp
Ω̂2

0 − Ω̂2

Ω̂Bw

where Bw = Ω̂p2 − Ω̂p1 is the passband bandwidth of the bandpass filter. Note that Ω = 0 is mapped

onto the frequency Ω̂ = Ω̂0.
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(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

10.02.8 Analog bandstop filter design

An analog lowpass transfer function HLP(s) with passband edge frequency Ωp can be transformed into

an bandstop transfer function HBS(ŝ) with stopband edge frequencies Ω̂s1 and Ω̂s2 ( Ω̂s1 < Ω̂s2) using

the spectral transformation:

s = Ωs
ŝ(Ω̂s2 − Ω̂s1)

ŝ2 + Ω̂2
0

,

where Ω̂0 is referred to as the stopband center frequency of the stopband filter, satisfying:

Ω̂2
0 = Ω̂p2 · Ω̂p1 = Ω̂s2 · Ω̂s1

Once again, the two stopband edge frequencies exhibit geometric symmetry with respect to the center

frequency Ω̂0. On the imaginary axis, we have

Ω = Ωs
Ω̂Bw

Ω̂2
0 − Ω̂2

where Bw = Ω̂s2 − Ω̂s1 represents the width of the stopband of the stopband filter.
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(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

In summary, we are knowledgeable about Butterworth, Chebyshev, and Elliptic filters, and there exist

formulas that enable us to easily design them. It is natural to leverage this knowledge for designing

equivalent digital filters.

10.03 The bilinear transformation

A number of transformations have been proposed to convert an analog transfer function Ha(s) into a

digital transfer function G(z), transferring the essential properties of the analog transfer function in the

s-domain to the digital transfer function in the z-domain. Of these, the bilinear transformation is the

most commonly used in the design of IIR filters. The transformation is a one-to-one mapping: it maps a

single point in the s-plane to a unique point in the z-plane and vice versa.

A bilinear transformation that maps a point in the z-plane to a point in the s-plane is given by

s =
2

T

(
1− z−1

1 + z−1

)
.

The relation between G(z) and Ha(s) is

G(z) = Ha(s)|s= 2
T

(
1−z−1

1+z−1

) .
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The bilinear transformation is derived by applying the trapezoidal numerical integration with step size T

to the differential equation representation of Ha(s), obtaining the difference equation representation of

G(z).

Let us examine the above transformation. The inverse transformation is:

z =
1 + T

2 s

1− T
2 s

.

For a specific point s = σ0 + jΩ0 in the s-plane, we have

z =
1 + T

2 (σ0 + jΩ0)

1− T
2 (σ0 + jΩ0)

=
(1 + T

2 σ0) + j T
2Ω0

(1− T
2 σ0)− j T

2Ω0

.

Thus,

|z|2 =
(1 + T

2 σ0)
2 + (T2Ω0)

2

(1− T
2 σ0)2 + (T2Ω0)2

.

It follows that

|z|2


< 1, for σ0 < 0,

= 1, for σ0 = 0,

> 1, for σ0 > 0.

A point on the jΩ-axis in the s-plane (σ0 = 0) is mapped onto a point on the unit circle in the z-plane.

A point on the left s-semiplane (σ0 < 0) is mapped onto a point inside the unit circle in the z-plane.

A point on the right s-semiplane (σ0 > 0) is mapped onto a point outside the unit circle in the z-plane.

Any point in the s-plane is mapped onto a unique point in the z-plane as illustrated by the following

figure:

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

Particularly interesting is the relation between the imaginary axis in the s-plan (s = jΩ) and the unit

circle in the z-plane (z = ejω):

jΩ =
2

T

(
1 + e−jω

1 + ejω

)
= j

2

T
tan(

ω

2
),

Ω =
2

T
tan(

ω

2
).
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Alternatively,

ω = 2 tan−1

(
ΩT

2

)
.

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

This relation is highly nonlinear. The range of frequencies −∞ < Ω < +∞ in the analog domain is

warped into the range −π < ω < +π in the digital domain. This introduces a distortion in the frequency

axis called frequency warping.

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

To develop a digital filter meeting a specified magnitude response:

1. we must first prewarp the critical band-edge frequencies (ωp and ωs) to find their analog equiva-

lents (Ωp and Ωs) using

Ω =
2

T
tan(

ω

2
).
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2. We must design the analog prototype using the prewarped critical frequencies, and then

3. Transform Ha(s) using the bilinear transformation s = . . . to obtain G(z).

The bilinear transformation preserves the form of the magnitude response of an analog filter only when

the specifications require a piecewise constant magnitude. Thus, a lowpass analog filter is transformed

into a lowpass digital filter, a highpass filter into a highpass filter, a bandpass filter into a bandpass

filter, and a bandstop filter into a bandstop filter. However, the phase response of the analog filter is not

preserved after transformation.

It should be noted that the parameter T in reality has no effect on the expression for G(z). For conve-

nience, we can set T = 2 in the bilinear transformation to simplify the design procedure. The bilinear

transformation reduces to:

s =
1− z−1

1 + z−1
,

z =
1 + s

1− s
,

Ω = tan(
ω

2
),

ω = 2 tan−1 Ω.

10.03.1 Design of Highpass, bandpass, and bandstop IIR digital filters

For designing lowpass digital filters we will always follow the procedure outlined earlier. However, for

highpass, bandpass, and bandstop IIR digital filters, two general approaches can be followed.

The first consists of the following steps:

1. Prewarp the specified digital frequency specifications of the desired digital filter GD(z) to arrive at

the frequency specifications of an analog filter HD(s) of the same type.

2. Convert the frequency specifications of HD(s) into those of a prototype analog lowpass filter

HLP(s) using the frequency transformation we have seen for analog filters.

3. Design the analog lowpass filter HLP(s).

4. Convert the transfer function HLP(s) into HD(s) using the analog frequency transformation.

5. Transform HD(s) with the bilinear transformation to arrive at the desired digital filter GD(z).

The second approach consists of the following steps:

1. Prewarp the specified digital frequency specification of the desired digital filter GD(z) to arrive at

the frequency specifications of an analog filter HD(s) of the same type.

2. Convert the frequency specification of HD(s) into those of a prototype analog lowpass filter HLP(s)

using the frequency transformation we have seen for analog filters.

3. Design the analog lowpass filter HLP(s).

4. Convert the transfer function HLP(s) with the bilinear transformation to arrive at a digital lowpass

transfer function GLP(z).
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5. Transform GLP(z) into the desired digital filter GD(z) using an appropriate spectral transformation

in the digital domain.

The difference between the two methods lies in the domain where the transformation between the

lowpass and the desired highpass, bandpass, or bandstop filter is applied. The transformation can be

performed in the analog domain using the formulas we have seen earlier, or it can also be performed in

the digital domain.

The transformation in the digital domain can be executed with the following formulas, which convert

a lowpass digital filter with a cutoff frequency ωc into a highpass filter, a bandpass filter, and also a

bandstop filter:

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

© 2024 Alberto Carini 215/600



Digital Signal and Image Processing
10.03 IIR filter design

Computer Engineering
University of Trieste

10.03.2 IIR Filter design with Matlab

Matlab and Octave provide a set of functions that implement the design of IIR filters by transforming

analog prototypes with the Bilinear transform. The functions are butter, cheby1, cheby2, ellip, which

design Butterworth, Chebyshev type I and type II, and Elliptic filters, respectively. These functions can

return the coefficients of the numerator and denominator polynomials of the transfer function, or the

poles and zeros, along with the multiplicative constant factor of the filter.

[b, a] = butter(N, Wn, options)

[z, p, k] = butter(N, Wn, options)

For the Butterworth filter, the parameters include the filter order and the 3 dB cut-off frequency normal-

ized with respect to the Nyquist frequency (i.e., the angular frequency π corresponds to the normalized

frequency 1; all previously introduced angular frequencies need to be divided by π in Matlab)

For the Chebyshev filter of type I, we use the following syntax:

[b, a] = cheby1(N, Rp, Wp, options)

[z, p, k] = cheby1(N, Rp, Wp, options)

where the parameters include the filter order N, the maximum attenuation in the passband Rp in dB, and

the passband edge frequency (or the Rp dB cut-off frequency) Wp.

For the Chebyshev filter of type II we have:

[b, a] = cheby2(N, Rs, Ws, options)

[z, p, k] = cheby2(N, Rs, Ws, options)

with parameters the filter order N, the minimum attenuation in the stopband Rs in dB, and the stopband

edge frequency Ws.

For the Elliptic filter

[b, a] = ellip(N, Rp, Rs, Wp, options)

[z, p, k] = ellip(N, Rp, Rs, Wp, options)

with parameters the filter order N, the maximum attenuation in the passband Rp in dB, the minimum

attenuation in the stopband Rs in dB, and the passband edge frequency Wp.

By default, all these functions design a lowpass filter. To design a highpass filter we use the option

’high’. To design a passband filter Wn, Wp, or Ws is an array with the two edge frequencies. To design

a bandstop filter, Wn, Wp, or Ws is an array with the two edge frequencies and the option ’stop’ is used.

Examples:

[b,a] = butter(5, 0.4) % lowpass filter

[b,a] = cheby1(4, 1, [0.4, 0.7]) % bandpass filter

[b,a] = cheby2(6, 60, 0.8, ’high’) % highpass filter

[b,a] = ellip(3, 1, 60, [0.4, 0.7], ’stop’) %bandstop filter
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Given the specifications in terms of passband and stopband edge frequencies and of attenuation in the

passband and stopband, the values to be passed to these functions can be obtained with the following

functions:

[N, Wn] = buttord(Wp, Ws, Rp, Rs)

[N, Wp] = cheby1ord(Wp, Ws, Rp, Rs)

[N, Ws] = cheby2ord(Wp, Ws, Rp, Rs)

[N, Wp] = ellipord(Wp, Ws, Rp, Rs)

10.03.3 Direct methods for IIR filter design

There exist design methods that directly search for the IIR filter coefficients of the digital filter that meet

our specifications. These methods typically apply optimization techniques on a computer.

Let’s denote G(ejω) as the frequency response of the filter we design, and D(ejω) as the desired fre-

quency response we want to approximate (usually given in the form of a piecewise linear function). The

objective of the design is to iteratively compute the filter coefficients such that the error between G(ejω)

and D(ejω) is minimized. Typically, a weighted version of this error is minimized:

ϵ(ω) = W (ejω)[G(ejω)−D(ejω)],

where W (ejω) is a positive weight function chosen by the designer.

A commonly employed method is to apply the minmax criterion and search for the coefficients that

minimize the maximum error in a certain set of frequency bands R (with R typically including all the

passbands and stopbands),

ϵ = max
ω∈R
|ϵ(ω)|.

A second optimization criterion aims to minimize the following integral:

ϵ =

∫
ω∈R

∣∣W (ejω)[G(ejω)−D(ejω)]
∣∣p dω,

where often p = 2 (least square criterion). As p approaches +∞, this criterion tends toward the minimax

criterion. The integral is often approximated by the sum:

ϵ =

k∑
i=1

∣∣W (ejωi)[G(ejωi)−D(ejωi)]
∣∣p ,

which is evaluated at a dense grid of points ωi.

In practice, we iteratively look for the coefficient vector [b, a] that minimizes one of these criteria.

Two examples of Matlab functions that optimize these criteria are yulewalk, which applies the least

square method, and iirlpnorm, which minimizes the p-th norm.

10.03.4 Design method for IIR filters with arbitrary magnitude and phase

There are situations in which you have to design an IIR filter with an arbitrary magnitude and phase.

For this purpose, we can apply a simple approach called frequency-domain least-square. The input
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to the algorithm is a large number of magnitude and phase values (typically thousands) at arbitrary

frequencies between 0 Hz and half the sampling rate, or at arbitrary normalized frequencies between 0

and π. The approach is quite flexible and can be used to design filters with poles and zeros, only zeros

(an FIR filter), or only poles.

Let us consider a causal IIR filter with the following transfer function

H(z) =
Y (z)

X(z)
=

b0 + b1z
−1 + . . . bMz−M

1 + a1z−1 + . . .+ aNz−N

and time-domain difference equation

y(n) = −a1y(n− 1)− . . .− aNy(n−N) + b0x(n) + b1x(n− 1) + . . .+ bMx(n−M).

In matrix form we have

y(n) =
[
−y(n− 1) . . . −y(n−N) x(n) . . . x(n−M)

]
·



a1
...

aN

b0
...

bM


.

Let us assume that at angular frequency ω1 the desired magnitude response is A1 and the phase

response is ϕ1. Remember the physical meaning of the magnitude and phase spectrum: If we apply to

the filter a sinusoid at normalized angular frequency ω1,

x1(n) = cos(ω1n),

the resulting output is the same sinusoid amplified by A1 and shifted in phase by ϕ1:

y1(n) = A1 cos(ω1n+ ϕ1).

Knowing the expression of the input and the output signal, we can easily estimate y1(0), y1(−1), . . . , y1(−N)

and x(0), x(−1), . . . , x(−M) and we can obtain one equation in M +N + 1 unknowns:

y1(0) =
[
−y1(−1) . . . −y1(−N) x1(n) . . . x1(−M)

]
·



a1
...

aN

b0
...

bM


We can now repeat this procedure for all K angular frequencies ωi for which we know the desired
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magnitude and phase response, where K ≫M +N +1 in general. We obtain the system of equations:


y1(n)

y2(n)
...

yK(n)

 =


−y1(−1) . . . −y1(−N) x1(n) . . . x1(−M)

−y2(−1) . . . −y2(−N) x2(n) . . . x2(−M)
...

...
...

...

−yK(−1) . . . −yK(−N) xK(n) . . . xK(−M)

 ·



a1
...

aN

b0
...

bM


,

which we can write shortly as

y = X · h,

with

y =
[
y1(n) y2(n) . . . yK(n)

]T
,

X =


−y1(−1) . . . −y1(−N) x1(n) . . . x1(−M)

−y2(−1) . . . −y2(−N) x2(n) . . . x2(−M)
...

...
...

...

−yK(−1) . . . −yK(−N) xK(n) . . . xK(−M)

 ,

h =
[
a1 . . . aN b0 . . . bM

]T
.

The equation system is overdetermined since it has more equations than unknowns but it can be solved

with the least-square approach using the pseudo-inverse:

h ≃ (XTX)−1XTy.

The entire design method can be summarized in the following steps:

1. Select the transfer function numerator and denominator orders M and N , respectively.

2. Define K separate input cosine sequences x1(n) for n = −M, . . . , 0.

3. Compute the K separate output cosine sequences y1(n) for n = −N, . . . , 0.

4. Fill the X matrix with the input and output cosine sequences.

5. Fill the vector y with the output cosine values.

6. Compute the pseudo-inverse. The resulting vector h contains the filter coefficients.

10.04 FIR filter design

The FIR filter design is always performed in the digital domain without exploiting the analog domain.

In the case of FIR filters, linear phase filters can always be designed.

A straightforward and effective method for designing FIR lowpass, highpass, bandpass, bandstop filters,

as well as filters with a generic amplitude response, is the window method.
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Let Hd(e
jω) denote the desired frequency response function. Our objective is to find a finite-duration

impulse response sequence {ht(n)} of length 2M + 1 whose DTFT Ht(e
jω) approximates the desired

DTFT Hd(e
jω) in some sense. A common criterion is to minimize the integral-squared error:

ΦR =
1

2π

∫ π

−π

|Ht(e
jω)−Hd(e

jω)|2dω.

Using the Parseval relation

ΦR =

+∞∑
n=−∞

|ht(n)− hd(n)|2

=

+M∑
n=−M

|ht(n)− hd(n)|2 +
−M−1∑
n=−∞

h2
d(n) +

+∞∑
n=M+1

h2
d(n)

It is evident that the integral-squared error is minimized when ht(n) = hd(n) for all −M ≤ n ≤ M . In

other words, the best finite-length approximation to the ideal infinite-length impulse response in terms

of mean-square error is obtained by truncation.

A causal FIR filter with impulse response h(n) can be derived from ht(n) by delaying the latter by M

samples,

h(n) = ht(n−M).

h(n) has the same magnitude response as ht(n) while the phase response has a linear phase shift of

ωM radians.

Let us consider the ideal filter which implements our specifications. For simplicity, let us refer to a

lowpass ideal filter,

HLP (e
jω) =

{
1 |ω| ≤ ωc

0 ωc < |ω| ≤ π.

We know the corresponding impulse response

hLP (n) =
sin(ωcn)

πn
∞ < n < +∞

which is doubly infinite, not absolutely summable, and not realizable. However, the impulse response

tends to 0 as n→ ±∞.

If we set to zero all the coefficients outside the interval −M ≤ n ≤ M , we arrive at an approximation

of the impulse response with finite length 2M + 1, which is non-causal. By delaying this impulse re-

sponse by M samples, we obtain the coefficients of a causal FIR lowpass filter that approximates our

specifications. The filter obtained in this way exhibits an oscillatory behavior (a ripple) in the magnitude

response, commonly referred to as the Gibbs phenomenon
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(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

The ripple is evident on both sides of the cutoff frequency ωc (which is equal to 0.4π in this case). By

increasing the filter length, the number of oscillations increases and the amplitude of the oscillations

reduces. Nevertheless, the amplitudes of the two most relevant ripples, on the two sides of the cutoff

frequency ωc, remain unaltered.

The Gibbs phenomenon can be explained by considering the truncation operation as a multiplication

operation between the impulse response hLP (n) and a rectangular window function w(n), and by ex-

amining the effect in the frequency domain:

h̃LP (n) = hLP (n) · w(n)

H̃LP (e
jω) =

1

2π

∫ +π

−π

HLP (e
jϕ)W (ej(ω−ϕ))dϕ.

The spectrum of the truncated impulse response is the convolution between the spectrum of the lowpass

ideal filter and that of the rectangular function:

W (ejω) =

M∑
n=−M

e−jωn =
sin([2M + 1]ω2 )

sin(ω2 )
.

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)
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If M is small (indicating a low-complexity filter), we observe a large main lobe and significant oscillations

at all frequencies. As M increases, the main lobe becomes narrower, and the significant oscillations

concentrate around it, while the area under each lobe remains constant. Understanding the convolution

between this spectrum and that of an ideal lowpass filter helps elucidate the behavior of the resulting

spectrum H̃(ejω) and the behavior of the Gibbs oscillations.

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

The rectangular window exhibits a steep transition to zero outside the interval −M ≤ n ≤ M , which is

the cause of the Gibbs phenomenon in the magnitude response. To mitigate the Gibbs phenomenon,

other window functions with smoother transitions to zero can be used. Some commonly used window

functions include:

Bartlett or triangular window:

w(n) = 1− |n|
M + 1

,

Hann window:

w(n) =
1

2

[
1− cos(

πn

M
)
]
,

Hamming window:

w(n) = 0.54− 0.46 cos(
πn

M
),
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Blackman window:

w(n) = 0.42− 0.5 cos(
πn

M
) + 0.08 cos(

2πn

M
).

These windows have a wider main lobe compared to the rectangular window, but significantly attenuate

secondary lobes.

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)
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(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

The width of the transition band of the designed filter primarily depends on the width of the main lobe of

the window function (it is smaller than that width). The amplitude of ripple in the passband and stopband

depends on the amplitude of the secondary lobes. The following table provides the width of the main

lobe, the attenuation of the secondary lobe, the minimum attenuation in the stopband, and the width of

the transition band for a filter designed with the window functions mentioned above.
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(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

The following figure illustrates the relationship between the magnitude response of a lowpass filter and

the spectrum of the window function used in the design.

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

The ripple, denoted a δ, in the magnitude response of a filter designed with the window functions we

have discussed has a fixed amplitude, which depends on the specific chosen window. Other window

functions have been developed to control the ripple δ using another parameter β. By varying β, it is

possible to reduce the amplitude of the secondary lobes at the expense of a wider main lobe. One of

the most commonly used windows is the Kaiser window. Another notable window is the Chebyshev

window, which offers equiripple sidelobes.
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In Matlab, the window functions of Bartlett, Hann, Hamming, Blackman, Kaiser, and Chebyshev are

generated with the following functions:

w = bartlett(N)

w = hann(N)

w = hamming(N)

w = blackman(N)

w = kaiser(N,beta)

w = chebywin(N, r)

(where r directly represents the sidelobe attenuation)

Matlab provides two functions, fir1 and fir2, for the FIR filter design with the window functions1.

fir1 designs lowpass, highpass, bandpass, and bandstop FIR filters,

b = fir1(n, wn [, ftype] [,window])

Here, n is the filter order (the length minus 1). If not specified, the Hamming window is used. For a

lowpass or highpass filter, wn is the normalized 6 dB cut-off frequency (the cut-off frequency of the ideal

filter). For a bandpass filter or a bandstop filter, wn is an array with the two 6 dB cut-off frequencies. The

optional parameter ftype is ’high’ for an highpass filter, ’stop’ for a bandstop filter. You can use any

window function we have discussed before.

For the Kaiser window, given some filter specifications, the function kaiserord computes the corre-

sponding parameters of the function fir1.

[n, wn, beta, ftype] = kaiserord(f, a, dev [, fs])

Here, f is a vector with the edges of the passbands and the stopbands (the first band goes from 0

to f(1), the last one goes from from f(L) to 1) and a is a vector that specifies the desired amplitude

values in these bands (0 or 1). The length of f must be twice the length of a minus 2. f and a define the

desired spectrum as a piecewise constant function. The frequencies of f are normalized frequencies,

or frequencies in Hz if we specify the sampling frequency fs. dev is a vector with the same size as a

which defines the deviation, i.e., maximum ripple, in each band. The values returned by the kaiserord

function can be passed to fir1 as follows:

b = fir1(n, wn, ftype, kaiser(n+1, beta))

For example, to design a lowpass filter with passband from 0 to 1 kHz and stopband from 1.5 kHz and

4 kHz, using a sampling frequency of 8 kHz, a passband ripple of 5%, and a minimum attenuation in

the stopband of 40 dB, you can use the following MATLAB code:

fsamp = 8000;

fcuts = [1000, 1500];

mags = [1, 0];

devs = [0.05, 0.01];

[n, Wn, beta, ftype] = kaiserord(fcuts, mags, devs, fsamp);

h = fir1(n, Wn, ftype, kaiser(n+1, beta));

freqz(h);

1These functions design linear phase filters. Choose with care the even or odd length of the filter.
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For a passband filter, you can use:

fsamp = 8000;

fcuts = [1000, 1300, 2210, 2410];

mags = [0, 1, 0];

devs = [0.01, 0.05, 0.01];

[n, Wn, beta, ftype] = kaiserord(fcuts, mags, devs, fsamp);

n = n + rem(n,2); % to be sure to have an even length filter

h = fir2(n, Wn, ftype, kaiser(n+1, beta));

freqz(h);

The function fir2 is also capable of designing FIR filters using the window method, but with an arbitrary

piecewise linear magnitude response.

The following commands generate a row vector of length n+1 containing the coefficients of an FIR filter

of order n, which approximate the magnitude response defined by vectors f and m.

n = 50,

f = [0, 0.4, 0.5, 1];

m = [1, 1, 0, 0];

b = fir2(n, f, m);

Here, f is a vector of normalized frequencies ranging from 0 to 1 (with 1 representing the Nyquist

frequency), and m is a vector containing the magnitude response values at the frequencies specified in

f. The filter aims to approximate the magnitude response illustrated in the following plot:

plot(f,m)

Computer-based design of IIR filters

For FIR filters, various design techniques have been introduced that iteratively optimize some error

criterion on the frequency response. One commonly used criterion is the minimax criterion:

ϵ = max
ω∈R

∣∣W (ejω)[G(ejω)−D(ejω)]
∣∣

or the least-square criterion:

ϵ =

∫
ω∈R

∣∣W (ejω)[G(ejω)−D(ejω)]
∣∣2 dω

where R is the union of the passband and stopband frequency ranges, G(ejω) is the designed frequency

response, D(ejω) is the desired frequency response, and W (ejω) is a weight function used to assign

different importance to various frequency ranges.

Matlab implements two functions, firls and firpm, which allow for designing filters with an arbitrary

piecewise linear magnitude response, including transition bands. firls designs the filter with the least-

square criterion. firpm minimizes the minmax criterion and applies the Parks-McClellan algorithm.This

algorithm is widely used for FIR filter design and results in linear phase equiripple FIR filters, meaning

filters with constant amplitude of passband or stopband ripple. The Parks-McClellan algorithm applies
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the Remez theorem, which states that a filter of length N = 2L + 1 (for N odd) or of length N = 2L

(for N even) is optimal in the minmax sense if and only if in R there exist L + 2 extreme frequencies

(maxima or minima) ω0 ≤ ω1 ≤ · · · ≤ ωL+1 such that

ϵ(ωi) = −ϵ(ωi+1) with |ϵ(ωi)| = ϵ ∀i,

where ϵ(ω) = W (ω)[A(ω)−D(ω)] represents the weighted error of the magnitude response.

The Parks-McClellan algorithm iteratively searches for these extreme frequencies in order to optimize

the filter design.

firls and firpm have the same syntax.

Examples:

A lowpass filter of order 20, unit magnitude response between 0 and 0.4, zero magnitude response

between 0.5 and 1 is

n=20;

f=[0, 0.4, 0.5, 1];

a=[1, 1, 0, 0];

b=firpm(n, f, a);

This is an equiripple filter. From 0.4 to 0.5 we have the transition band in which firpm does no opti-

mization. With b=firls(n, f, a); we design a similar FIR filter with the least-square approach. Let

us compare the two filters as follows:

[ H, W ]= freqz(b);

[ HH, W ]= freqz(bb);

plot(W/pi,abs(H),W/pi,abs(HH), ’--’);

The filter designed with firpm shows an equiripple behavior. firls, on the other hand, provides a lower

error in most parts of the passband and stopband, but a larger error is obtained at frequencies f = 0.4

and f = 0.5.

With firls and firpm also passband, highpass, and bandstop filters can be designed. An example of

passband filter is the following,

f = [0, 0.3, 0.4, 0.7, 0.8, 1];

a = [0, 0, 1, 1, 0, 0];

There are 5 bands:

[0, 0.3] and [0.8, 1] are two stopbands. [0.4, 0.7] is the passband. [0.3, 0.4] and [0.7, 0.8] are two transition

bands.

Examples of highpass and stopband filters are the following:

f = [0, 0.7, 0.8, 1];

a = [0, 0, 1, 1];

f = [0, 0.3, 0.4, 0.7, 0.8, 1];

a = [1, 1, 0, 0, 1, 1];
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But we can also have any number of passbands and stopbands, and also passbands with different

boundary values.

While minimizing the error, firls and firpm also allow giving different emphasis to the various bands

using a weight vector.

For instance,

n=20;

f=[0, 0.4, 0.5, 1];

a=[1, 1, 0, 0];

w=[1, 10],

b=firpm(n, f, a, w);

In this example, w introduces a weight 10 times larger in the stopband compared to the passband.

Therefore, in the stopband, we will have a ripple 10 times lower than in the passband. Each passband

and stopband must be assigned a weight in the w vector.

For more information read:
S. K. Mitra, ”Digital Signal Processing: a computer based approach,” 4th edition, McGraw-Hill, 2011

Chapter 9.1-9.5, pp. 489-509, 9.7, pp. 515-516,

Appendix A.1-A.4, pp. 863-871 Appendix B, pp. 863-871 Chapter 10.2, pp. 531-544, 10.3, pp. 556-562
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11 Adaptive filters

11.01 Introduction

In classical applications of signal processing, the coefficients of the digital filter are designed to obtain

a filter with the desired characteristics. For example, we design the coefficients to realize a low-pass

filter, which lets pass only the low frequencies of the signal, or we design an equalization filter for some

telecom or audio channel. The equalization filter emphasizes some frequencies and attenuates others.

To design the filter, we must know the characteristics that the filter must have and that are required by

the specific application. Given the specifics of the filter, we design the filter coefficients with a suitable

algorithm with the end goal of obtaining a digital filter that satisfies those specifics. The designed

coefficients are established once and for all and are then kept constant during the filter’s use.

On the contrary, in adaptive filters, the coefficients vary in time; they are adapted in such a way that the

filter adapts to an unknown environment or even to a time-varying environment. The adopted optimiza-

tion criterion typically minimizes a certain error signal, the error between the current filter output y(n)

and a desired signal d(n).

An adaptive algorithm modifies the filter coefficients based on the input signal x(n) and the error signal

e(n). The adaptive filter aims to replicate the desired signal d(n), which must be correlated with the

input signal. Adaptive filters are typically FIR filters, although adaptive IIR filters have also been studied

and proposed in the literature, albeit with the significant challenge of ensuring filter stability. Note that

since the coefficients vary according to the input signal, even when adapting a linear filter structure,

whether FIR or IIR, the resulting filter is non-linear: the superposition principle does not hold here.

Let us first examine some applications of adaptive filters.
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11.02 Applications of adaptive filters

11.02.1 System identification

The primary application of adaptive filters is system identification, where the adaptive filter is employed

to model an unknown system. It represents the core application of adaptive filtering, as in all other

scenarios, the adaptive filter is utilized to identify an unknown system. The unknown system we aim to

identify must meet certain hypotheses. For identifying an unknown system with an FIR filter, the system

in question must be both linear and FIR.

11.02.2 Adaptive noise cancellation

Adaptive noise cancellation is employed when extracting a weak signal from a highly noisy environment

is necessary. This method constructs a signal that effectively cancels out the noise instant by instant.

To achieve noise cancellation, we require another noise signal that is correlated with the noise but not

with the useful signal.

For example, this technique is used to cancel the noise picked up by the microphone of fighter pilots,

helicopter pilots, and tank pilots. These environments are very noisy, and although the microphone is

concealed within the pilot’s mask, it still picks up a significant amount of noise that could mask the voice.

A second microphone located outside the pilot’s mask is utilized. This microphone captures the noise
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present in the cockpit but not the pilot’s voice. It provides the signal ν2 in the figure above, which serves

as the input for the adaptive filter, while the desired signal is the combination of the noise ν1 inside the

mask (correlated with ν2) and the voice s(n). The adaptive filter can model the noise ν1 but not the voice.

Therefore, the error signal represents the clear voice of the pilot. In recent years, a similar technique

has also been employed in cellular phones, with one microphone capturing the speaker’s voice and a

second (or more) microphone(s) directed outward to capture only the surrounding noise.

11.02.3 Acoustic echo cancellation

In hands-free phones, as well as in modern compact smartphones, headsets, and audio accessories,

the voice emitted by the loudspeaker is captured by the microphone and returned to the far-end speaker.

This results in the speaker perceiving the echo of their own voice. This echo is generally not bothersome

if the delay is minimal (such as in classical analog telephone lines) because we are accustomed to

hearing the echo of our own voice. However, if the delay becomes lengthy, on the order of hundreds

of milliseconds as in modern telecom systems, the echo becomes highly disruptive, requiring suitable

solutions to either eliminate or at least reduce it. An acoustic echo canceller is an adaptive filter designed

to estimate the impulse response of the loudspeaker-enclosure-microphone system (LEM system) in

such a manner that it can cancel the echo through subtraction.

11.02.4 Channel equalization

In a digital transmission system, information is encoded using appropriate waveforms, which are then

transmitted through a transmission medium. These waveforms, as they pass through the transmission

medium, are subject to distortion in an unknown manner, often varying with time. The resulting output

signal is utilized to determine which symbol has been transmitted. An adaptive equalizer is frequently

employed to mitigate or eliminate the effects of these distortions. Typically, each data packet is preceded
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by a known header, which can be utilized as the desired signal to obtain an initial estimate of the channel

equalizer. Following the header, the equalizer can be adapted using the decoded symbols.

11.02.5 Predictive coding

A predictor is a filter that estimates the current signal sample based on past samples. Prediction filters

are widely used in voice coding and waveform coding in general, as well as in video coding. Voice

signals are highly correlated. By using a prediction filter, we can eliminate the correlation between sam-

ples, resulting in a prediction residual that is coded and transmitted. The residual typically has a lower

amplitude than the original signal and generally requires fewer bits for transmission. The prediction filter

could have fixed coefficients, in which case we refer to it as Differential Pulse Code Modulation (DPCM)

coding, utilized, for example, in DECT telephony. More often, however, the predictor is estimated sam-

ple by sample using an adaptive filter, leading to Adaptive Differential Pulse Code Modulation (ADPCM)

coding.

Note how in the figures, the prediction is carried out starting from the reconstructed signal xq(n). This

ensures that the same operations are performed in both transmission and reception.
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11.02.6 Active noise control

Another application is active noise control or vibration control. The controller is, once again, an adaptive

filter that adapts based on an input signal (the reference signal) and/or an error signal (the difference

between the primary noise and the secondary noise).

In feedback control, the input signal is generated by the error signal itself. Here lies a significant dif-

ference from all previous cases. It’s important to note that there is always an acoustic path between

the controller output and the error microphone, which has its own transfer function. This path includes

a filter, the secondary path, connecting the output of the controller to the error microphone. This filter

complicates the treatment.

We will now study several adaptive filters, focusing on a system identification scenario.

11.03 Optimal Wiener filter

How can we mathematically obtain the filters that identify an unknown system, predict a signal, cancel

echo, or equalize a channel? The first person to pose this question was Norbert Wiener. This occurred

during the middle of World War II, while Wiener was working for MIT. His particular problem was the

aiming of an anti-aircraft cannon. The objective was to fire the shots in such a way as to minimize

the error between the point of explosion and the target’s position. Norbert Wiener developed a theory

known as the Wiener optimal filter, which forms the foundation of all adaptive filtering.
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Let us consider the scheme of our adaptive filter, with input x(n), output y(n) and desired signal d(n)

The theory of the optimal Wiener filter applies to signals x(n) and d(n) which are stationary and zero

mean. As optimization criterion it applies the Minimum Mean Square Error (MMSE) criterion, i.e., it

estimates the constant coefficients filter that minimizes

J = E[e2(n)] = E
[
(d(n)− y(n))2

]
Assume the filter to be an FIR filter of length N and consider its vector form:

x(n) = [x(n), x(n− 1), . . . , x(n−N + 1)]T

h = [h(0), h(1), . . . , h(N − 1)]T

y(n) = xT (n) · h = hT · x(n)

e(n) = d(n)− y(n)

e2(n) = d2(n)− 2d(n)y(n) + y2(n)

= d2(n)− 2hTx(n)d(n) + hTx(n)xT (n)h

E[e2(n)] = E[d2(n)]− 2hTE[x(n)d(n)] + hTE[x(n)xT (n)]h

Let

Rxx = E[x(n)xT (n)]

= E


x(n)x(n) x(n)x(n− 1) . . . x(n)x(n−N + 1)

x(n− 1)x(n) x(n− 1)x(n− 1) . . . x(n− 1)x(n−N + 1)
... . . . · · ·

x(n−N + 1)x(n) x(n−N + 1)x(n− 1) . . . x(n−N + 1)x(n−N + 1)


be the autocorrelation matrix of the signal x(n) (an N ×N matrix), and

Rxd = E[x(n)d(n)]

= E


x(n)d(n)

x(n− 1)d(n)
...

x(n−N + 1)d(n)


be the cross-correlation vector.

Assuming that the autocorrelation matrix and the cross-correlation vector are known, we need to mini-

mize E[e2(n)] with respect to h. It’s important to note that E[e2(n)] represents a quadratic function of the

coefficients, meaning it forms a paraboloid, and the minimum of this paraboloid represents our solution.
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Let us set to zero the gradient of E[e2(n)]:

∇hE[e2(n)] =

[
∂E[e2(n)]
∂h(0)

∂E[e2(n)]
∂h(1)

. . .
∂E[e2(n)]
∂h(N − 1)

]
= 0

We get

∇hE[e2(n)] = −2Rxd + 2Rxxhopt = 0

i.e.,

hopt = R−1
xxRxd,

which is the Wiener-Hopf equation.

According to the Wiener-Hopf equation, if we know the signal statistics, i.e., the autocorrelation matrix

and the cross-correlation matrix, we can compute the Wiener optimal filter for our process. In reality, the

signal statistics are not known a priori in general, and often the aleatory processes are not even station-

ary. It becomes necessary to estimate the signal statistics as we observe the signal. Two approaches

are possible:

1. Block algorithms, and

2. Recursive algorithms.

In block algorithms, the signals are divided into data windows that are sufficiently long to obtain a good

estimate of Rxx and Rxd, but at the same time sufficiently short to assume the signals are stationary.

In each window, Rxx and Rxd are computed, and the optimal filter is estimated.

In recursive algorithms, the estimate of the filter is updated sample by sample based on the input signal,

the error signal, and the previous estimate of the filter.

In the following, we will consider only recursive algorithms.
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11.04 Least mean square (LMS) adaptive filter of Widrow and

Hoff

The Least mean square (LMS) adaptive algorithm is the most famous and simplest adaptive algorithm.

Sample by sample, it allows obtaining an estimate of the optimal filter, which for stationary systems

is proven to converge to the Wiener optimal filter. Remember that E[e2(n)] forms a paraboloid in the

coefficients, and the optimal filter corresponds to the minimum of this paraboloid. The LMS algorithm

adjusts the coefficients in the direction of the maximum slope to reach the minimum within a certain

number of steps. In cases where the signals are not stationary, the paraboloid will change shape and

shift. Nonetheless, the LMS algorithm will track the minimum of the paraboloid, always moving in the

direction of maximum slope.

We move in the opposite direction of the gradient.

hn+1 = hn −
µ

2
∇hE[e2(n)]

where µ is a small step-size. We have to estimate ∇hE[e2(n)], which still depends on the signal statis-

tics. Widrow and Hoff developed the LMS algorithm considering a drastic but effective approximation:

∇hE[e2(n)] ≃ ∇he
2(n) = 2e(n)∇he(n)

where

e(n) = d(n)− hTx(n)

Since ∇hd(n) = 0 and ∇hh
Tx(n) = x(n), ∇he(n) = −x(n). Thus, we obtain

e(n) = d(n)− hT
nx(n),

hn+1 = hn + µe(n)x(n),
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The algorithm requires 2N multiplications and 2N additions, thus having a very low computational cost.

In the case of stationary signals, it can be proven that the algorithm converges to the optimal filter

provided that 0 < µ < 2/λmax, where λmax is the largest eigenvalue of Rxx. Since λmax ≤ Trace(Rxx),

a sufficient condition for convergence is

0 < µ <
2

N−1∑
k=0

E[x2(n− k)]

which is easier to approximate. Without convergence, the algorithm diverges to ±∞ within a few sam-

ples.

Let’s consider the learning curves of the mean square error, i.e., the ensemble average over a certain

number of runs of E[e2(n)] (obtained by averaging over a certain interval), for different step-sizes µ.

The larger µ is, the faster the convergence speed, but also the larger the oscillations around the optimal

solution.

For a white Gaussian noise input signal, we have:

[Figure taken from A. Uncini “Fundamental of adaptive signal processing”, Springer, 2015]

A drawback of the LMS algorithm is its slow convergence speed in the case of correlated input signals.

The greater the signal correlation, the slower the convergence speed.

With a narrowband moving average colored process:

x(n) = bx(n− 1) + u(n)

with u(n) a white Gaussian noise signal, we have
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[Figure taken from A. Uncini “Fundamental of adaptive signal processing”, Springer, 2015]

The speed of convergence can be improved by decorrelating the signal. This concept will become

evident as we explore the RLS and APA algorithms.

Several other algorithms have been developed based on adaptation rules similar to those of the LMS

algorithm.

11.05 Sign-error adaptive filter

The Sign-error adaptive filter is derived from a manipulation of the LMS algorithm:

hn+1 = hn + µ sign[e(n)]x(n),

We continue to move in the direction of the gradient, but we lose the ability to control the amplitude of

the movements with the error.

In reality, the algorithm optimizes the mean absolute error:

J = E[|e(n)|].

Generally, it has a lower convergence speed than LMS for the same steady-state MSE, and for the same

convergence speed, it has a larger steady-state MSE. Its main advantage lies in its computational

efficiency. If µ = 2−K , then adaptation with fixed-point arithmetic requires only additions and shifts,

making it suitable for hardware implementation.

The algorithm is also always numerically stable; it never diverges to ±∞.
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11.06 Normalized LMS (NLMS) adaptive filter

The NLMS (Normalized Least Mean Square) is the most famous and widely used adaptive filter.

It was initially derived by manipulating the adaptation rule of the LMS algorithm.

Consider the LMS adaptation rule:

hn+1 = hn + µe(n)x(n),

e(n) = d(n)− hTx(n),

If the amplitude of the input signal x(n) reduces by a factor of 2, then e(n) also reduces by the same

factor, while ∆hn = hn+1 − hn, and the convergence speed decreases by a factor of 4. To address this

issue, a modification to the adaptation rule has been proposed:

hn+1 = hn +
µe(n)

xT (n) · x(n) + δ
x(n),

where δ is a small positive constant used to avoid division by 0. This modification ensures that ∆hn

becomes independent of the signal’s amplitude, providing additional benefits. It can be proven that in

the case of stationary signals, the NLMS filter converges to the Wiener optimal filter for any step-size

satisfying 0 < µ < 2. Ensuring this convergence condition is extremely simple.

The NLMS algorithm:
e(n) = d(n)− hT

nx(n),

hn+1 = hn +
µe(n)

xT (n) · x(n) + δ
x(n),

Even though the NLMS algorithm was initially derived from the LMS algorithm, it was later determined

to be the exact solution of the following optimization criterion:

Minimize the Euclidean norm of the coefficient variation ∆hn = hn+1 − hn imposing the a

posteriori error en+1(n) = d(n)− hT
n+1x(n) to be zero, i.e.,

min{∆hT
n∆hn} s.t. en+1(n) = d(n)− hT

n+1x(n) = 0.

We will revisit this criterion when discussing the Affine Projection algorithms.

The computational cost of the NLMS algorithm is similar to that of the LMS algorithm (2N multiplications

and 2N additions), and its convergence speed is also comparable. Like the LMS algorithm, it suffers

from poor convergence speed with correlated signals.

If the slow convergence speed is a concern, one option is to utilize one of the RLS algorithms.

11.07 Recursive Least Square (RLS) adaptive filter

There is a full family of RLS algorithms. We will explore the parent algorithm within this family. In this

algorithmic family, sample by sample, the following cost function is optimized:

J(n) =

n∑
k=−∞

λn−ke2(k) =

n∑
k=−∞

λn−k
[
d(n)− hT

nx(k)
]2

.
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These algorithms directly approximate the stochastic cost function E[e2(n)] with a deterministic expres-

sion. Note that the terms e2(n) are weighted by an exponential window function λn−k, where λ, known

as the forgetting factor, is chosen such that 0 < λ ≲ 1. Thus, the most recent samples are weighted

more heavily than the older ones.

By properly choosing λ, we are able to track time-varying systems as well.

Let us minimize J(n) as a function of hn. Proceeding similarly to the optimal Wiener filter, we impose

∇hn
J(n) = 0.

J(n) =

n∑
k=−∞

λn−k
[
d2(k)− 2hT

nx(k) + hT
nx(k)x

T (k)hn

]
∇hn

J(n) = 2Rxx(n) · hn − 2Rxd(n), where

Rxx(n) =

n∑
k=−∞

λn−kx(k)xT (k),

Rxd(n) =

n∑
k=−∞

λn−kx(k)d(k),

x(k) = [x(k), x(k − 1), . . . , x(k −N + 1)]T .

Then we have

hn = R−1
xx (n) ·Rxd(n)

which is analogous to the Wiener-Hopf equation.

We can estimate hn by updating sample by sample:

Rxx(n) =

n∑
k=−∞

λ(n−k)x(k)xT (k)

= λ ·Rxx(n− 1) + x(n)xT (n),

Rxd(n) = λ ·Rxd(n− 1) + x(n)d(n).

However, the matrix inversion R−1
xx (n) in hn = R−1

xx (n) ·Rxd(n) is computationally expensive, requiring

O(N3) operations. To mitigate this, we can reduce the number of computations by directly updating

R−1
xx (n) using the Matrix Inversion Lemma:

If A is N ×N and invertible, B is N ×M , C is M ×M , D is M ×N , then:

[A+B · C ·D]
−1

= A−1 −A−1B
[
D ·A−1 ·B + C

]−1
DA−1

From Rxx(n) = λ ·Rxx(n − 1) + x(n)xT (n), setting A = λ ·Rxx(n − 1), B = x(n), C = I, D = xT (n),

we have

R−1
xx (n) = λ−1R−1

xx (n− 1)− λ−1R−1
xx (n− 1)x(n)

[
xT (n)λ−1R−1

xx (n− 1)x(n) + 1
]−1

xT (n)λ−1R−1
xx (n− 1)

R−1
xx (n) =

1

λ
R−1

xx (n− 1)−

1

λ2
R−1

xx (n− 1)x(n)xT (n)R−1
xx (n− 1)

1 +
1

λ
xT (n)R−1

xx (n− 1)x(n)
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Moreover,

hn = R−1
xx (n) ·Rxd(n)

= R−1
xx (n) · [λRxd(n− 1) + x(n)d(n)]

= R−1
xx (n) · [λRxx(n− 1)hn−1 + x(n)d(n)]

= R−1
xx (n) · [(Rxx(n)− x(n)xT (n))hn−1 + x(n)d(n)]

= hn−1 +R−1
xx (n)x(n)(d(n)− xT (n)hn−1)

Setting

e(n) = d(n)− xT (n)hn−1, the a priori error, and

k(n) = R−1
xx (n)x(n), the Kalman Gain Vector, we get

hn = hn−1 + e(n)k(n)

Multiplying the expression of R−1
xx (n) by x(n), we can find an update rule for k(n). Moreover, by col-

lecting k(n) in the expression of R−1
xx (n), we can simplify it. Therefore, we obtain the RLS algorithm as

shown in the following table:

e(n) = d(n)− xT (n)hn−1

k(n) =
R−1

xx (n− 1)x(n)

λ+ xT (n)R−1
xx (n− 1)x(n)

hn = hn−1 + e(n)k(n)

R−1
xx (n) =

1

λ
[R−1

xx (n− 1)− k(n)xT (n)R−1
xx (n− 1)]

The algorithm has initial conditions h−1 = 0 and Rxx(−1) = cIN , where c is a small positive constant

and IN is the identity matrix.

The RLS algorithm has a computational cost of order N2 operations.

It has a high convergence speed, but its tracking ability is worse than LMS due to the exponential

windowing.

If we compare the update rules of LMS and RLS, we see that

∆hn = hn+1 − hn = µx(n)e(n) for LMS

∆hn = hn+1 − hn = R−1
xx (n)x(n)e(n) for RLS

The effect of the inverse autocorrelation matrix is to decorrelate the input signal. Thanks to this decor-

relation, the RLS algorithm has a higher convergence speed than the LMS algorithm.

The inverse autocorrelation matrix is symmetric and positive definite. If, in the implementation, due to

error propagation, R−1
xx (n) loses its symmetry, the algorithm becomes unstable. Many algorithms have

been proposed to solve this problem.

Eventually, it was proven that ensuring the symmetry of R−1
xx (n) is sufficient to guarantee the algorithm’s

stability.

The main limitation of the original RLS algorithm is its high computational cost, which is of order N2. In

the 1990s, many Fast-RLS algorithms with computational complexity of order N were proposed. The

first ones were numerically unstable, but later many fast and stable RLS algorithms were developed.
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Nevertheless, the computational complexity remains high compared to the LMS algorithm. It involves

at least 8N ÷ 10N multiplications and often requires order N divisions.

11.07.1 Affine projection algorithms (APA)

The affine projection algorithms (APA) are a family of adaptive filters that offer a high convergence

speed (although slower than RLS) with computational complexity only slightly higher than LMS. They

are designed to minimize the Euclidean norm of the coefficient variation ∆hn = hn+1 − hn, while

ensuring the last P a posteriori errors are zero. This optimization criterion is expressed as:

min∆hT
n∆hn subject to

en+1(n) = d(n)− hT
n+1 · x(n) = 0

en+1(n− 1) = d(n− 1)− hT
n+1 · x(n− 1) = 0

...

en+1(n− P + 1) = d(n− P + 1)− hT
n+1 · x(n− P + 1) = 0

For P = 1, the NLMS algorithm is obtained. As P increases, the convergence speed also increases.

Often, even for small P , a high convergence speed is achieved.

To solve this optimization problem, the Lagrange multiplier method is employed, where:

J = ∆hT
n ·∆hn +

P−1∑
j=0

λj

[
d(n− j)− hT

n+1 · x(n− j)
]

(11.01)

Here, λj represents the Lagrange multipliers.

By imposing ∇hn+1J = 0, we obtain:

2∆hn =

P−1∑
j=0

λjx(n− j) = G(n) · Λ with

G(n) = [x(n),x(n− 1), . . . ,x(n− P + 1)]

Λ = [λ0, λ1, . . . , λP−1]
T

Pre-multiplication by GT (n) yields:

Λ = [GT (n)G(n)]−1GT (n)2∆hn

Utilizing the relation

xT (n− j)∆hn = xT (n− j)hn+1 − xT (n− j)hn = d(n− j)− xT (n− j)hn
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we obtain

GT (n)∆hn =


xT (n)∆hn

...

xT (n− P + 1)∆hn

 =


d(n)− xT (n)hn

...

d(n− P + 1)− xT (n− P + 1)hn

 = e(n),

which is the a priori error vector.

Finally, the update rule for hn+1 is given by:

hn+1 = hn +
1

2
G(n) · Λ = hn +G(n)[GT (n)G(n)]−1e(n)

In practice, a step-size and a small regularization factor are often introduced, leading to the following

updated rule:

hn+1 = hn + µG(n)[GT (n)G(n) + δI]−1e(n)

The algorithm exhibits a computational complexity of order P · N , although fast algorithms have been

developed to reduce it to order N .

11.08 Decorrelation NLMS (DNLMS) algorithm

This adaptation algorithm represents an evolution of the NLMS algorithm, enhancing the convergence

speed by decorrelating the input data vector. With a first-order decorrelation, the DLMS algorithm yields:

e(n) = d(n)− hT
n · x(n)

c(n) =
xT (n)x(n− 1)

xT (n− 1)x(n− 1)

z(n) = x(n)− c(n)x(n− 1)

hn+1 = hn +
µ

zT (n) · x(n) + δ
e(n)z(n)

Although different, it exhibits similar convergence behavior to that of a second-order APA.

11.09 Perfect periodic sequences

Note that all the algorithms we have studied—NLMS, RLS, APA, DNLMS—exhibit different convergence

speeds in the presence of colored aleatory inputs. However, they all reach the same maximum conver-

gence speed for a white Gaussian input. When identifying a system and given the option to choose the

input signal, the common approach is to select a white Gaussian input and apply the NLMS algorithm.

Nevertheless, in the early ’90s, German researcher Dr. Christiane Antweiler proved that the signal
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optimizing the convergence speed of the NLMS algorithm is not white noise, but rather a determinis-

tic perfect periodic sequence (PPS). A PPS is a periodic sequence p(n) of period N that satisfies the

following condition:
N−1∑
i=0

p(n)p(n+ i) =

{
̸= 0 if i = 0

= 0 otherwise

There exist infinitely many PPSs. Some are formed by a fundamental period composed only of {−1,+1}
with a leading 0. The simplest way to generate a PPS is to consider the Inverse Discrete Fourier Trans-

form (IDFT) of a constant magnitude spectrum with random phase satisfying the conjugate symmetry.

For the same residual Mean Squared Error (MSE), the NLMS algorithm with a PPS input consistently

achieves a faster convergence speed than the same algorithm with a white Gaussian input. Moreover,

in the absence of measurement noise, we can identify the system with only N samples using µ = 1.

The computational complexity remains the same as that of the NLMS algorithm—2N multiplications and

additions.
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12 Multirate Digital Signal Processing

12.01 Introduction

The digital signal processing systems discussed so far belong to the class of single-rate systems, as the

sampling rate remains constant at the input, output, and all nodes. There are numerous applications

where a signal sampled at one rate needs to be converted to a different rate. For instance, various

sampling rates are utilized in digital audio: 32 kHz for broadcasting, 44.1 kHz for CDs, and 48 kHz

for digital audio tapes (DATs). Frequently, there’s a need to transition between these sample rates.

Another example is pitch control in audio recordings. In analog tapes, this is achieved by adjusting the

tape recorder speed. However, in digital processing systems, it necessitates altering the sample rate.

To alter the sampling rate of a digital signal, multirate digital signal processing systems employ two

fundamental devices: a downsampler and an upsampler. Systems that operate with discrete-time

signals having unequal sampling rates at different points are referred to as multirate systems.

12.02 Basic sampling rate alteration devices

First, let’s examine the characteristics of the upsampler and downsampler in the time domain, and later,

we’ll explore them in the frequency domain.

12.02.1 Time domain characterization

An upsampler with an upsampling factor L, where L ∈ N, generates an output sequence xu(n) with a

sampling rate that is L times higher than that of the input sequence x(n). The upsampling operation is

executed by inserting L−1 zero-value samples between two consecutive samples of the input sequence

x(n), following the relation:

xu(n) =

x(n/L), n = 0,±L,±2L, . . . ,

0, elsewhere.

An illustration of the upsampling process is shown in the following figure:
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(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

The block diagram representation of the upsampler, also known as a sampling rate expander, is shown

in the following figure:

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

In practice, the zero-valued samples inserted by the upsampler are interpolated using some form of

filtering process to eliminate any unnecessary spectral components from the higher-rate sequence.

This process, known as interpolation, will be discussed later.

A downsampler with a downsampling factor M , where M ∈ N, generates an output sequence y(n) with

a sampling rate that is 1
M of that of the input sequence x(n). The downsampling operation is executed

by retaining every M th sample of the input sequence and discarding the remaining M − 1 samples

in-between. Therefore, the output sequence is generated according to the relation:

y(n) = x(nM).

All input samples with indexes equal to an integer multiple of M are retained in the output, while the

others are discarded.

The downsampling process is illustrated in the following figure:
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(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

The block diagram representation of the downsampler, also known as a sampling rate compressor, is

shown below:

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

The sampling periods are typically not depicted in the block diagrams of the upsampler and downsam-

pler. However, the following figure illustrates how the sampling rate changes in both cases:

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

The upsampler and downsampler building blocks are frequently used together in multirate signal pro-

cessing applications. One example of using both types of devices is to achieve a sampling rate change

by a rational number rather than an integer value.
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12.02.2 Frequency domain characterization

We consider the case of the upsampler and derive the relations between the input and output spectra

of a factor of 2 upsampler:

xu(n) =

x(n/2), n = 0,±2,±4, . . . ,

0, elsewhere.

The z-transform is

Xu(z) =

+∞∑
n=−∞

xu(z)z
−n =

+∞∑
n=−∞
n even

x(n/2)z−n =

(n = 2m) =

+∞∑
m=−∞

x(m)z−2m = X(z2)

In a similar manner, we can show that for a factor of L upsampler, we have:

Xu(z) = X(zL).

Let’s examine what happens on the unit circle, i.e., for z = ejω. Then, Xu(e
jω) = X(ejωL). As ω ranges

from 0 to 2π, ejωL will traverse around the unit circle L times, implying that the X-axis of the frequency

response is compressed by a factor of L.

For instance, the following figure depicts, for simplicity, a real frequency response X(ejω) with an asym-

metric spectrum (hence x(n) ∈ C), and the resulting upsampled spectrum Xu(e
jω) when L = 2:

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

We notice that the X-axis has been compressed by a factor of 2, and within the range [0, 2π], we

now observe two repetitions of X(ejω). This process is termed imaging because we obtain additional

images of the input spectrum. With a factor of L upsampling, we will obtain L − 1 additional images

of this spectrum. Even if the original spectrum is bandlimited and lowpass, the upsampled spectrum
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will not resemble a lowpass spectrum anymore due to the zero-valued samples inserted between the

non-zero samples. We can eliminate the images of the original spectrum by employing a lowpass filter

with a bandwidth lower than π/L. The effect of such filtering will be to ”fill in” the zero-valued samples

of xu(n) with interpolated sample values.

Let us now consider the down-sampler. We apply the z-transform to the input-output relationship, yield-

ing:

Y (z) =

+∞∑
n=−∞

x(Mn)z−n

This expression cannot be directly expressed in terms of X(ejω). To address this, we introduce an

intermediate signal:

xint(n) =

x(n), n = 0,±M,±2M, . . .

0 otherwise.

Then, we have:

Y (z) =

+∞∑
n=−∞

x(Mn)z−n =

+∞∑
n=−∞

xint(Mn)z−n =

(k = Mn) =

+∞∑
k=−∞

xint(k)z
−k/M = Xint(z

1/M ).

xint(n) can be related to x(n), since

xint(n) = c(n)x(n)

where

c(n) =

1, n = 0,±M,±2M, . . .

0 otherwise,

and

c(n) =
1

M

M−1∑
k=0

ej
2π
M kn.

Then, we have:

Xint(z) =

+∞∑
n=−∞

c(n)x(n)z−n =
1

M

+∞∑
n=−∞

M−1∑
k=0

ej
2π
M knx(n)z−n

=
1

M

M−1∑
k=0

+∞∑
n=−∞

x(n)(e−j 2π
M kz)−n =

1

M

M−1∑
k=0

X(e−j 2π
M kz)

and

Y (z) =
1

M

M−1∑
k=0

X(e−j 2π
M kz1/M ).

To understand the implications of this relation, let’s consider a factor of 2 downsampler and the resulting

output spectrum:

Y (ejω) =
1

2

1∑
k=0

X(e−j 2π
2 kejω/2) =

1

2

[
X(ejω/2) +X(ej(ω−2π)/2)

]
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X(ejω/2) represents the spectrum of the original signal, which has been stretched on the X-axis by a

factor of 2 and is now periodic with a period of 4π. X(ej(ω−2π)/2) is the same spectrum but time-shifted

by 2π. In general, these two spectra overlap, resulting in an aliasing error caused by this overlap.

The situation is illustrated in the following figure:

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

The absence of overlap, and hence no aliasing, occurs only if X(ejω) = 0 for |ω| > π/2.
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(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

For the general case, the situation remains the same. With a factor of M downsampler,

Y (ejω) =
1

M

M∑
k=0

X(e
j(ω−2πk)

M ).

The spectrum Y (ejω) consists of M uniformly shifted and stretched versions of X(ejω), each stretched

by a factor of M .

Aliasing is absent if and only if X(ejω) = 0 for |ω| > π/M .

12.02.3 Cascade equivalences

Complex multirate systems are formed by an interconnection of basic sampling rate alteration devices

and the components of an LTI digital filter. In many applications, these devices appear in cascade form.

Interchanging the positions of the branches in a cascade can often lead to a computationally efficient

realization.

We will now consider some identities that we will exploit later on.

Up-sampler and down-sampler cascade

The basic sampling rate alteration devices can only up-sample or down-sample a signal by an integer

factor. To implement a fractional change in sampling rate, a cascade of an upsampler and downsam-

pler should be used. It is interesting to determine under which conditions the cascade of a factor M

downsampler and a factor L upsampler are interchangeable, with no change in the input-output relation.
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(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

Consider first the case of the upsampler followed by the downsampler, denoted as case (a) in the figure:

V1(z) = X(zL)

Y1(z) =
1

M

M−1∑
k=0

V1(z
1/Me−j 2π

M k) =

=
1

M

M−1∑
k=0

X(zL/Me−j 2π
M kL)

In the case of the cascade of the downsampler with the upsampler,

V2(z) =
1

M

M−1∑
k=0

X(z1/Me−j 2π
M k)

Y1(z) = V2(z
L) =

=
1

M

M−1∑
k=0

X(zL/Me−j 2π
M k)

It follows that Y1(z) = Y2(z) if

M−1∑
k=0

X(zL/Me−j 2π
M kL) =

M−1∑
k=0

X(zL/Me−j 2π
M k).

The equality is satisfied if and only if M and L are relatively prime, meaning they do not have common

factors greater than 1. Under this condition, e−j 2π
M kL and e−j 2π

M k take the same set of values for k =

0, 1, . . . ,M − 1.

Noble identities

Two other simple cascade equivalence relations are depicted in the following figure:
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(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

These relations are commonly used in multirate networks to rearrange sampling rate alteration devices

(downsamplers and upsamplers) into the most convenient positions.

12.03 Multirate structures for sampling rate conversion

The process of reducing the sample rate of a sequence is commonly known as decimation, and the

corresponding system is called a decimator. Similarly, the process of increasing the sample rate is

called interpolation, and the corresponding system is called an interpolator.

We know from the sampling theorem that the sampling rate of a critically sampled signal with a spec-

trum occupying the full Nyquist range cannot be reduced any further, as this would introduce aliasing.

Therefore, the bandwidth of a critically sampled signal must first be reduced by lowpass filtering before

the sampling rate is further reduced by the downsampler.

On the other hand, the zero-valued samples introduced by the upsampler must be interpolated for

an effective sampling rate increase. We must remove the repetitions of the spectrum, the images,

generated by the upsampler. Again, this operation can be performed with lowpass filtering.

Since a fractional sampling rate alteration can be obtained by concatenating an interpolator and a

decimator, filters are also needed to design such multirate systems.

Here, we derive the input-output relations for the multirate structures used for sampling rate conversion.

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

We have observed that upsampling by a factor of L leads to the periodic repetition of the signal spec-

trum. Hence, the basic interpolator structure for integer-valued sampling rate increase comprises an
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upsampler followed by a lowpass filter H(z) with a cutoff frequency of π/L. H(z) is referred to as the

interpolation filter, and it is employed to eliminate the L − 1 undesired images in the upsampled signal

xu(n).

Since downsampling by a factor of M may lead to aliasing, the fundamental decimator structure com-

prises a lowpass filter H(z) with a stop-band starting at π/M , followed by the downsampler. In this

context, the lowpass filter is referred to as the decimation filter and is utilized to prevent aliasing by

constraining the spectrum of the input signal to |ω| < π/M before downsampling.

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

A fractional change in the sampling rate by a rational factor can be achieved by cascading an interpolator

and a decimator. The interpolator must precede the decimator to ensure that the baseband of the

intermediate signal is greater than that of the original signal and to prevent the loss of components.

Both the interpolator and the decimator involve the use of a lowpass filter, denoted as Hu(z) and Hd(z),

respectively, operating at the same sampling rate. These two lowpass filters can be replaced by a

single lowpass filter H(z), with the passband set to the lowest of the two, i.e., with a stopband starting

at π/max(L,M).

Let us first develop the input-output relationship of the decimator. Let h(n) be the impulse response of

the decimation filter H(z). Then the corresponding output is

v(n) =

+∞∑
r=−∞

h(n− r)x(r)

The output of the decimator is instead

y(n) = v(Mn)

which, combined with the previous one, gives

y(n) =

+∞∑
r=−∞

h(Mn− r)x(r).

Note that if the decimation filter is implemented in FIR form, we only need to compute its output once

every M input samples, thereby reducing the computational complexity by a factor of M . However, with

an IIR filter, we need to compute all output samples, and we do not achieve such a significant reduction

in computation. Therefore, FIR filters are often preferred over IIR filters in multirate systems.

Next, we develop the input-output relation of the interpolator. In the time domain, the input-output

relation of the upsampler with a factor of L is given by:

xu(Lm) = x(m), m = 0,±1,±2, . . .
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and is 0 elsewhere.

Substituting this expression into the input-output relation of the interpolation filter:

y(n) =

∞∑
r=−∞

h(n− r)xu(r)

which, with a change of variable, becomes:

y(n) =

∞∑
m=−∞

h(n−mL)x(m).

Again, using an FIR interpolation filter, we can reduce the number of operations to be performed for

each sample by a factor of L, because only one every L sample of h(n) is involved in the relationship.

However, with IIR filters, we do not have such a significant computational advantage.

Eventually, for the fractional-rate sampling rate converter, the input-output relationship can be obtained

in a similar manner and is given by:

y(n) =

+∞∑
m=−∞

h(Mn− Lm)x(m).

12.04 Multistage Design of Decimator and Interpolator

The decimator and interpolator structures we have seen are single-stage structures. Indeed, the basic

scheme for implementation involves a single lowpass filter and a single sampling rate alteration device.

However, if the interpolation factor L can be expressed as a product of two integers L1 and L2, the factor

of L interpolation can be realized in two stages. Similarly, if the decimation factor M is the product of

two integers M1 and M2, the factor of M decimation can also be realized in two stages:

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

The design can involve more than two stages, depending on the number of factors used to express

L and M . In general, computation efficiency is significantly improved by designing the sampling rate

alteration system as a cascade of several stages.

For example, consider a decimator for the reduction of the sampling rate from 12 kHz to 400 Hz, with a

decimation factor of 30:
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(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

The specifications for the decimation filter are as follows: passband edge Fp = 180 Hz, stopband edge

Fs = 200 Hz, passband ripple δp = 0.002, and stopband ripple δs = 0.001. Thus, ωp = 180
120002π. If H(z)

is an equiripple linear-phase FIR filter, the order NH (determined using firpmord) is

NH = 1827

The number of multiplications per second (ignoring the filter symmetry) is

(NH + 1)× FT

30
= 1828× 12 000

30
= 730 800

Let us now consider the implementation of H(z) as a cascade realization of two systems. The first

system is a comb filter F (z15) that realizes the lowpass filter we want with the requested transition band

but also generates some upper bands. The other filter I(z) is a pure lowpass filter that selects the lowest

band but considers a larger transition band, since it takes into account the spectral gaps between the

passbands of F (z15). Since the cascade of the two systems has a passband ripple that is the sum in dB

of the ripples of the two systems, to compensate we will require both F (z) and I(z) to have a passband

ripple δp = 0.001 (rather than δp = 0.002). On the other hand, the stopband of I(z)F (z15) is at least as

good as I(z) and F (z), and therefore we will require δs = 0.001.

We design F (z) with the Parks-McClellan algorithm considering Fp = 15 × 180 Hz and Fs = 15 × 200

Hz. The transition band is 15 times larger than before, and the filter requires an order Nf = 130.

We also design I(z) with the Parks-McClellan algorithm considering Fp = 180 Hz and Fs =
12 000
15 −200 =

600 Hz. The transition band is much larger than the 20 Hz of the first filter, and the order NI = 93.
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(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

We can now drastically reduce the computational complexity by making use of the cascade equivalence

and performing multistage decimation.

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

The implementation of F (z) at sampling rate 800 Hz followed by a down-sampling by a factor 2 requires

131× 800

2
= 52 400 multiplications per second.

The implementation of I(z) at sampling rate 12 kHz followed by a down-sampling by a factor 15 requires

94× 12000

15
= 75 200 multiplications per second.

The total complexity of this implementation becomes

52 400 + 75 200 = 127 600 multiplications per second

i.e. 5.7 time smaller than the direct single-stage implementation.

12.05 The polyphase decomposition

We have seen that a single-stage decimator and interpolator employing FIR lowpass filters can be

computationally efficient, since the multiplications to compute the output can be carried out only when

needed. We have also seen the computational requirements can be further decreased using a multi-

stage design. We can further reduce the computational complexity by exploiting the polyphase decom-

position of FIR filters.
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To illustrate this approach, let’s consider, for simplicity, a causal FIR transfer function H(z) of length 9:

H(z) = h(0) + h(1)z−1 + h(2)z−2 + h(3)z−3 + h(4)z−4

+ h(5)z−5 + h(6)z−6 + h(7)z−7 + h(8)z−8

This transfer function can expressed as the sum of two terms:

H(z) =
(
h(0) + h(2)z−2 + h(4)z−4 + h(6)z−6 + h(8)z−8

)
+
(
h(1)z−1 + h(3)z−3 + h(5)z−5 + h(7)z−7

)
=

=
(
h(0) + h(2)z−2 + h(4)z−4 + h(6)z−6 + h(8)z−8

)
+ z−1

(
h(1) + h(3)z−2 + h(5)z−4 + h(7)z−6

)
and by using the notation

E0(z) = h(0) + h(2)z−1 + h(4)z−2 + h(6)z−3 + h(8)z−4

E1(z) = h(1) + h(3)z−1 + h(5)z−2 + h(7)z−3

we can rewrite

H(z) = E0(z
2) + z−1E1(z

2).

In a similar manner, selecting every third term, we can express it in the form:

H(z) = E0(z
3) + z−1E1(z

3) + z−2E1(z
3)

where now

E0(z) = h(0) + h(3)z−1 + h(6)z−2

E1(z) = h(1) + h(4)z−1 + h(7)z−2

E2(z) = h(2) + h(5)z−1 + h(8)z−2.

The decomposition of H(z) in this form is called polyphase decomposition. In case of M branches, we

have

H(z) =

M−1∑
k=0

z−kEk(z
M )

where the polyphase component Ek(z) is an FIR transfer function.

We will not consider the case of IIR filters, but I would like to mention the fact that polyphase decomposi-

tion is applicable also to IIR filters, and in that case, the polyphase component Ek(z) is IIR. Moreover, for

certain types of stable lowpass IIR transfer functions with cutoff at π/M , the polyphase decomposition

takes the form:

H(z) =

M−1∑
k=0

z−kAk(z
M )

with Ak(z) being a stable allpass transfer function.

Let us consider the M -branch polyphase decomposition of H(z). The following figure provides the

direct realization and the transposed realization of

H(z) =

M−1∑
k=0

z−kEk(z
M )

© 2024 Alberto Carini 259/600



Digital Signal and Image Processing
12.05 Basic sampling rate alteration devices

Computer Engineering
University of Trieste

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

The first polyphase decomposition is also called Type I polyphase decomposition. Very often, the

transposed structure is represented in an alternative manner considering

Rl(z
M ) = EM−1−l(z

M ).

The corresponding polyphase decomposition is thus given by

H(z) =

M−1∑
l=0

z−(M−1−l)Rl(z
M ).

This decomposition is called Type II polyphase decomposition.

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)
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Computationally efficient decimator and interpolator structures employing lowpass filters can be derived

by applying a polyphase decomposition to the corresponding transfer functions.

Consider first the use of the polyphase decomposition in the realization of the decimation filter. Using

the first cascade equivalence, we can obtain a computationally more efficient realization.

(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

Assume first the use of a standard decimation filter H(z), with length N . Since the decimator output

y(n) is obtained by down-sampling the filter output v(n) by a factor M , we need to compute v(n) only

for n = . . . ,−2M,−M, 0,M, 2M, . . ., the computational requirement is of N multiplications and N − 1

addition per output sample. However, as n increases, the values memorized in the tapped delay line

change. Thus, it is necessary to perform all operations in one input sampling period (i.e., at the highest

rate) and in the following M − 1 periods the arithmetic unit will remain idle.

Now consider the polyphase decomposition structure. If the length of the subfilter Ek(z) is Nk, then

N =
∑M−1

k=0 Nk. The overall computational cost is of
∑M−1

k=0 Nk = N multiplications and
∑M−1

k=0 (Nk −
1) + (M − 1) = N − 1 additions per decimator output sample. The computational cost hasn’t changed,

but now all operations are performed at the lowest rate, with the arithmetic unit operative all instants of

the output sampling period (which is M times that of the input sampling period).

Similar savings can be obtained in the case of the interpolator structure employing polyphase decom-

position for the realization of a computationally efficient interpolator. In this case, it is convenient to use

the second cascade equivalence:
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(From S. K. Mitra, “Digital signal processing: a computer based approach”, McGraw Hill, 2011)

For more information read:
S. K. Mitra, ”Digital Signal Processing: a computer based approach,” 4th edition, McGraw-Hill, 2011

Chapter 13.1, pp. 740-749

Chapter 13.2, pp. 750-752,

Chapter 13.3, pp. 758-759,

Chapter 13.4, pp. 762-767,
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